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RÉSUMÉ 

    La demande sans cesse croissante de systèmes sans fil multifonctionnels millimétriques (mmW) 

à haut débit, efficaces et économiques incite les chercheurs et les praticiens des antennes et des 

circuits RF à développer des solutions techniques attrayantes en termes d'efficacité, de coût et de 

performances globales. La technologie analogique radio sur fibre (ARoF) bien établie, qui existe 

depuis 1983, est une approche viable pour établir une connectivité sans fil hautes performances et 

à large bande à faible coût, ainsi que pour simplifier les architectures d'émetteurs-récepteurs de 

stations de base. Grâce aux développements récents de la photonique micro-ondes dans les 

systèmes sans fil ARoF de pointe, un signal RF est généré par un battement efficace de deux 

signaux optiques de haute qualité sortant de lasers à points quantiques et mélangés dans une 

photodiode. Pour maintenir un niveau d'intégration élevé et éliminer les effets parasites et les pertes 

associés aux fils de liaison dans un module frontal, l'intégration monolithique d'un réseau 

d'antennes avec une photodiode est cruciale dans un émetteur-récepteur à circuits intégrés 

�R�S�W�R�p�O�H�F�W�U�R�Q�L�T�X�H�V�����2�(�,�&������ �e�W�D�Q�W���G�R�Q�Q�p���T�X�H���O�H�V���P�D�W�p�U�L�D�X�[���j���K�D�X�W�������W�H�O�V���T�X�H���O�H�V���V�H�P�L-conducteurs 

SiGe, GaAs, InP, etc. sont généralement adoptés pour concevoir une photodiode, un réseau 

�G�
�D�Q�W�H�Q�Q�H�V�� �j�� �J�D�L�Q�� �p�O�H�Y�p���� �j�� �O�D�U�J�H�� �E�D�Q�G�H�� �R�X�� �P�X�O�W�L�E�D�Q�G�H�� �V�X�U�� �G�H�V�� �V�X�E�V�W�U�D�W�V�� �j�� �K�D�X�W�� ���� �H�V�W�� �I�R�U�W�H�P�H�Q�W��

souhaité pour une intégration transparente. avec une photodiode. 

   Dans ce scénario, le réseau d'antennes con�Y�H�Q�W�L�R�Q�Q�H�O�� �V�X�U�� �G�H�V�� �P�D�W�p�U�L�D�X�[�� �j�� �K�D�X�W�� ���� �U�H�Q�F�R�Q�W�U�H��

inévitablement des obstacles fondamentaux pour obtenir des rayonnements à large bande, 

hautement efficaces et à gain élevé en raison de l'excitation des ondes de surface du substrat. Par 

conséquent, nous avons étudié dans cette thèse des techniques d'antenne simples mais efficaces 

pour contrôler les ondes de surface dans les réseaux d'antennes conventionnels afin d'atténuer ou 

de diminuer leurs effets néfastes. Deux méthodologies ont été explorées pour réaliser la technique 

proposée, à savoir 1) la suppression du plan de masse entre deux antennes colinéaires (disposition 

du plan E) et une série d'ondulations uniformes ont été introduites sur les bords des parties restantes 

pour créer une région de transition entre les antennes mises à la terre. et non mises à la terre et pour 

former une sorte de guide d'ondes de surface transversal, et 2) pour supprimer partiellement le plan 

de masse en gravant des fentes longues, longitudinales et étroitement espacées sur le plan de masse 

pour compenser l'inductance du plan de masse et perturber l'état de propagation du TM0 mode.     
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Nos recherches ont montré que l'application de ces techniques entraîne une réduction de 9 dB du 

couplage mutuel et une amélioration de 4 dB du diagramme de rayonnement transversal. Malgré 

l'efficacité de la technique proposée pour diminuer les couplages mutuels et améliorer le gain, le 

réseau d'antennes conventionnel n'est toujours pas un candidat décent pour le régime mmW/THz 

sur des matériaux à hau�W����. 

   En conséquence, nous avons étudié l'utilisation d'antennes à ondes de fuite 2D (ou planaires) 

(2DLW) comme alternative appropriée au réseau d'antennes conventionnel. Nous avons proposé 

et exploré une antenne 2DLW intégrée au substrat à profil extrêmement bas, à gain élevé et à 

efficacité d'ouverture élevée avec un PRS capacitif. Nous avons montré que, contrairement à 

l'antenne 2DLW remplie d'air typique, où une perturbation du premier mode d'ordre supérieur 

(TE1/TM1) entraîne un rayonnement large très dirigé, dans l'antenne 2DLW proposée, la 

propagation et la fuite d'un quasi -Le mode TEM donne une antenne extrêmement discrète 

���������������������H�W���j���J�D�L�Q���p�O�H�Y�p�����������G�%�L�������'�H���S�O�X�V�����O�
�H�I�I�L�F�D�F�L�W�p���G�H���O�
�R�X�Y�H�U�W�X�U�H���D���p�W�p���D�P�p�O�L�R�U�p�H���G�H������ % par 

rapport à la contrepartie conventionnelle remplie d'air. 

   Un nouveau concept basé sur l'entrelacement des courants électriques et magnétiques de surface 

a été proposé et étudié. Nous avons développé une surface rayonnante à ouverture partagée double 

large bande peu encombrante. Les contraintes fondamentales sur la bande passante de l'antenne sur 

les deux bandes de fréquences ont été évaluées à l'aide d'équations approximatives de forme fermée 

qui ont été dérivées à l'aide de la théorie de Bode-Fano. Finalement, une antenne à double large 

bande à cinq couches a été développée et fabriquée à l'aide d'un processus PCB multicouche 

rentable qui fonctionne dans les bandes Ku et Ka avec une impédance respective et une bande 

passante de gain d'environ 42 %, et dans la bande Ka. avec une impédance et une bande passante 

de gain respectives de 29% et 16,32%. Par la suite, une méthodologie générale basée sur la 

convolution des courants de surface électriques et magnétiques couplés pour le développement de 

réseaux d'antennes multibandes a été introduite et étudiée. Nous avons développé une unité 

rayonnante bi-bande réalisée par un arrangement rapproché 2×2 des quatre éléments d'antenne 

fonctionnant dans la bande de fréquence supérieure. Dans ce cas, des résonances multimodes ont 

été générées dans une bande de fréquence inférieure par un couplage approprié des courants 

magnétique et électrique. Cette technique pourrait être employée de manière répétée pour 

développer plusieurs modes rayonnants en réutilisant les surfaces rayonnantes. Enfin, un prototype 

de réseau bi-bande 2 × 4 peu encombrant a été développé et fabriqué. Nos résultats de mesure ont 
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montré que l'antenne proposée fournit des largeurs de bande d'impédance et de gain de 30 % et 

25,4 %, en bande Ku et de 10,65 % et 8,52 % en bande Ka, respectivement. 

   Nous prévoyons que les résultats de nos recherches seront exploités pour établir une cohabitation 

dense et monolithique de réseaux d'antennes multibandes avec des circuits actifs dans les futurs 

émetteurs-récepteurs multifonctionnels OEIC à la pointe de la technologie. 
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ABSTRACT 

The ever-increasing demand for high-speed, efficient, and cost-effective millimeter (mmW) 

multifunctional wireless systems is enticing antenna and RF circuit researchers and practitioners to 

develop appealing technical solutions in terms of efficiency, cost, and overall performance. The 

well-established analog radio-over-fiber (ARoF) technology, which has been around since 1983, 

is a viable approach to establishing high-performance and broadband wireless connectivity with 

low expenditure as well as simplifying base station transceiver architectures. Thanks to recent 

developments in microwave photonics in cutting-edge ARoF wireless systems, an RF signal is 

generated by an efficient beating of two high-quality optical signals coming out of quantum dot 

lasers and mixed in a photodiode. To maintain a high integration level and to eliminate parasitic 

effects and losses associated with bonding wires in a frontend module, the monolithic integration 

of an antenna array with a photodiode is crucial in an optoelectronic integrated circuits (OEICs) 

transceiver. Since high-�� materials such as SiGe, GaAs, InP semiconductors, etc. are usually 

adopted to design a photodiode, a high-gain, broad-band, or multi-band antenna array on high-�� 

substrates is highly desired for seamless integration with a photodiode.  

In this scenario, conventional antenna array on high-�� (high permittivity) materials inevitably 

encounters fundamental hurdles for achieving broadband, highly efficient, and high gain radiations 

due to the excitation of substrate surface waves. Therefore, we investigated in this thesis 

uncomplicated yet effective antenna techniques for controlling surface waves in conventional 

antenna arrays to mitigate or diminish their adverse effects. Two methodologies were explored to 

realize the proposed technique namely 1) the removal of the ground plane between two collinear 

antennas (E-plane arrangement) and a series of uniform corrugations were introduced at the edges 

of the remaining parts to create a transition region between grounded and ungrounded regions and 

to form a sort of transversal surface waveguide, and 2) to partially remove the ground plane by 

etching long, longitudinal, and closely spaced slots over the ground plane to offset the ground plane 

inductivity and disrupt the propagation condition of the TM0 mode. Our research showed that 

applying these techniques results in a 9 dB reduction in mutual coupling and a 4 dB improvement 

in the broadside radiation pattern. Despite the effectiveness of the proposed technique for 

decreasing mutual couplings and improving the gain, the conventional antenna array is still not a 

decent candidate for the mmW/THz regime on high-�� materials.  
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As a result, we investigated using 2-D (or planar) leaky-wave (2DLW) antennas as a suitable 

alternative to the conventional antenna array. We proposed and explored an extremely low-profile, 

high-gain, and highly aperture-efficient substrate-integrated 2DLW antenna with a capacitive PRS. 

We showed that as opposed to the typical air-filled 2DLW antenna, where a perturbation of the 

first higher-order mode (TE1/TM1) results in highly directed broadside radiation, in the proposed 

2DLW antenna, the propagation and leakage of a quasi-TEM mode result in an extremely low-

profile (0.065��0), and high-gain (15 dBi) antenna. In addition, the aperture efficiency was enhanced 

by 15% as compared to the conventional air-filled counterpart.  

Moreover, in the development of a multifunctional and multi-stranded ARoF-based wireless 

system, a multi-band antenna array is an indispensable component of the frontend module. 

However, the efficient realization of the multi-band antenna array with a large frequency ratio, 

particularly on high-�� materials, introduces fundamental challenges in antenna-frontend 

integration. Therefore, we proposed and investigated several antenna arrays based on aperture-

�V�K�D�U�H�G�� �W�H�F�K�Q�L�T�X�H�V���� �Z�L�W�K�� �I�R�F�X�V�� �R�Q���H�I�I�H�F�W�L�Y�H�� �³�U�H�X�Ve�´��of the antenna surface in different frequency 

bands, which is highly demanded in OEIC design scenarios for the cohabitation of an antenna with 

active circuits. To begin with, we investigated the aperture-shared technique with two different 

methodologies namely 1) stacking antennas in a multilayer structure, and 2) using the concept of 

self-scalable radiation pattern for the development of a dual-band antenna array with a large 

frequency ratio. In this connection, a multilayer high-gain antenna structure, consisting of a large, 

perforated patch antenna and an array of 3×3 patch antennas, was designed and prototyped for 

operation in S- and Ka-band. Subsequently, a single-fed multi-mode resonance slot antenna 

coupled to three narrow strips was investigated for the development of a dual-band antenna element 

operating in X- and Ka-band with a self-scalable radiation pattern. These antenna elements can be 

used for realizing dual-band antenna arrays without operating the full grating lobe in the visible 

region. 

A single-fed dual-band antenna operating in S-band and Ka-band was developed using the 

2DLW antenna theory and the aperture-shared technique. We found out that how a thin and single-

mode resonance (SMR) inductive PRS on high-�� materials in a 2DLW antenna is set to converge 

two resonance frequencies (i.e., PRS and cavity resonances), consequently reducing the antenna 

directivity and gain. We applied multi-mode resonance (MMR) PRS to address the underlying 

challenges. Subsequently, the leaky-wave radiation behavior of an antenna with a heterogeneous 
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substrate was investigated using the developed analytical equations. Our investigations revealed 

that in the proposed scenario, an MMR PRS can significantly enhance the broadside directivity by 

over 4 dBi at the resonance frequency (27.5 GHz), which is also set to improve the radiation pattern 

compared to the SMR-based antenna. Finally, a CPW-fed dual-band antenna was developed based 

on the effective reusing of the aperture in both frequency bands.  

A novel concept based on the interleaving of electric and magnetic surface currents was 

proposed and studied. We developed a space-efficient dual-wideband aperture-shared radiating 

surface. The fundamental constraints on antenna bandwidth over both frequency bands were 

evaluated using approximate closed-form equations that were derived using Bode-Fano�¶�V theory. 

Eventually, a five-layer dual-wideband antenna was developed and fabricated using a cost-

effective multi-layer PCB process that operates in Ku- and Ka-band with a respective impedance 

and gain bandwidth of approximately 42%, and in Ka-band with a respective impedance and gain 

bandwidth of 29% and 16.32%. Subsequently, a general methodology based on convolving coupled 

electric and magnetic surface currents for the development of multi-band antenna arrays was 

introduced and investigated. We developed a dual-band radiating unit realized by a 2×2 close 

arrangement of the four antenna elements operating at the upper-frequency band. In this case, 

multi-mode resonances were generated in a lower frequency band by proper coupling of the 

magnetic and electric currents. This technique could be employed repeatedly to develop several 

radiating modes by reusing the radiating surfaces. Finally, a space-efficient 2×4 dual-band array 

prototype was developed and fabricated. Our measurement results showed that the proposed 

antenna provides impedance and gain bandwidths of 30% and 25.4%, in Ku-band and 10.65% and 

8.52% in Ka-band, respectively. 

We anticipate that the outcomes of our research will be exploited to establish dense and 

monolithic cohabitation of multi-band antenna arrays with active circuits in future state-of-the-art 

multifunctional OEIC transceivers.  
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CHAPTER 1  INTRODUCTION  

 

1.1 Motivation  

Tremendous advances have been made in wireless technology over the last decades, and this has 

mostly been fueled by a strong desire to cover the ever-increasing and also ubiquitous demands in 

our rapid-evolving information age such as Gigabit data rate, smart connectivity, fast identification, 

accurate location, etc. [1]-[2]. It has been emerging as a future technology not only for wireless 

data communication, as traditionally used to be but also as wireless parametric sensing and wireless 

power transfer technology. This has definitely attracted much attention in the research and 

development community towards multifunction antenna and front-ends (Figure 1.1). The 

development of such systems with the feature of data transmission throughputs based on frequency-

diversified is a key-enabling feature within such highly publicized 5G/B5G analog radio over fiber 

(ARoF) wireless systems. �$�5�R�)���L�V���D�� �K�L�J�K�O�\�� �H�I�I�H�F�W�L�Y�H�� �D�S�S�U�R�D�F�K�� �I�R�U�� �H�V�W�D�E�O�L�V�K�L�Q�J���K�L�J�K���W�K�U�R�X�J�K�S�X�W��

�D�Q�G�� �E�U�R�D�G�E�D�Q�G�� �Z�L�U�H�O�H�V�V�� �F�R�Q�Q�H�F�W�L�Y�L�W�\���� �,�W�� �H�Q�D�E�O�H�V�� �W�K�H�� �G�L�V�W�U�L�E�X�W�L�R�Q�� �D�Q�G�� �W�U�D�Q�V�P�L�V�V�L�R�Q�� �R�I�� �E�U�R�D�G�E�D�Q�G��

�P�L�O�O�L�P�H�W�H�U���Z�D�Y�H�� ���P�P�:���� �D�Q�G�� �W�H�U�D�K�H�U�W�]�� ���7�+�]���� �U�D�G�L�R�� �I�U�H�T�X�H�Q�F�\�� ���5�)���� �V�L�J�Q�D�O�V�� �Z�L�W�K�� �P�L�Q�L�P�D�O��

�H�[�S�H�Q�G�L�W�X�U�H���� �W�K�D�Q�N�V�� �W�R�� �W�K�H�� �V�L�P�S�O�L�I�L�H�G�� �E�D�V�H�� �V�W�D�W�L�R�Q�� �W�U�D�Q�V�F�H�L�Y�H�U�V���� �,�Q�� �W�K�L�V�� �V�\�V�W�H�P���� �D�O�O�� �S�U�R�F�H�V�V�L�Q�J��

�R�S�H�U�D�W�L�R�Q�V���D�Q�G���I�X�Q�F�W�L�R�Q�V���D�U�H���F�H�Q�W�U�D�O�L�]�H�G���D�W���W�K�H���F�H�Q�W�U�D�O���R�I�I�L�F�H�����U�H�G�X�F�L�Q�J���W�K�H���F�R�P�S�O�H�[�L�W�\���D�W���W�K�H���E�D�V�H��

�V�W�D�W�L�R�Q�V���� 

 

Figure 1.1 Multifunctional antenna array for the various application 
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Figure 1.2 Simplified block diagram of a multi-service radio-over-fiber wireless system (FTTH : 
fiber to the home, RAU: remote antenna unit) 

�,�Q���$�5�R�)���V�\�V�W�H�P�V�����R�S�W�L�F�D�O���V�L�J�Q�D�O�V���D�U�H���P�R�G�X�O�D�W�H�G���X�V�L�Q�J���P�P�:���D�Q�G���7�+�]���5�)���V�L�J�Q�D�O�V���D�Q�G���W�U�D�Q�V�P�L�W�W�H�G��

�H�I�I�L�F�L�H�Q�W�O�\���W�K�U�R�X�J�K���I�L�E�H�U���R�S�W�L�F���Z�D�Y�H�J�X�L�G�H�V�����%�\���V�L�P�S�O�L�I�\�L�Q�J���W�K�H���E�D�V�H���V�W�D�W�L�R�Q���W�U�D�Q�V�F�H�L�Y�H�U�����%�7�6�������E�R�W�K��

�F�D�S�L�W�D�O�� �D�Q�G�� �R�S�H�U�D�W�L�R�Q�D�O�� �H�[�S�H�Q�G�L�W�X�U�H�V�� �D�U�H�� �V�L�J�Q�L�I�L�F�D�Q�W�O�\�� �U�H�G�X�F�H�G���� �H�Q�D�E�O�L�Q�J�� �D�Q�� �L�Q�F�U�H�D�V�H�� �L�Q�� �F�R�Y�H�U�D�J�H��

�W�K�U�R�X�J�K���D���K�L�J�K�H�U���Q�X�P�E�H�U���R�I���%�7�6���L�Q�V�W�D�O�O�D�W�L�R�Q�V, as shown in Figure 1.2 [3]. Multiband antenna array 

�V�H�U�Y�L�Q�J�� �D�V�� �W�K�H�� �³�H�\�H�V�� �D�Q�G�� �H�D�U�V�´�� �R�I�� �D�� �W�U�D�Q�V�F�H�L�Y�H�U�� �L�V�� �D�� �F�U�X�F�L�D�O�� �F�R�P�S�R�Q�H�Q�W�� �I�R�U�� �W�K�H�� �G�H�Y�H�O�R�S�P�H�Q�W�� �R�I��

multifunctional wireless systems.  

Indeed, high-efficient, high-gain, low-complexity (guaranteeing an easy co-integration with 

active circuits), and space-efficient multi-band antenna solutions should be developed with 

unprecedented implementation techniques for cutting-edge multifunction fiber-wireless systems. 

Multi -band antennas with large frequency ratios covering both microwave and mmW bands have 

been extensively studied over the past years for the development of a reliable wireless link (offered 

by microwave frequency bands) and high data rate and wideband wireless link (offered by mmW 

frequency bands) [4-8] . In contrast to the conventional multi-band antenna array realized by 

arranging various antenna arrays side by side, which not only occupies a large area but also 

degrades array performance due to strong unwanted mutual couplings, the aperture-shared 

technique is a promising approach to the development of low-cost, low-footprint, and low-weight 

multifunction antenna arrays. This technique makes use of a common space for the development 
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of an antenna array operating at different frequencies. As shown in Figure 1.3, the conventional 

approach is based on stacking and interleaving different antenna elements in several layers with a 

complex feeding network which inherently renders the integration of active circuits and antennas 

a very challenging task. This Ph.D. thesis, however, investigates an approach based on the effective 

"reusing" of an antenna aperture in different frequency bands, providing a multi-band antenna array 

with a spartan structure that is appropriate for deep integration with active circuits in the 

multifunctional ARoF transceivers. 

 

Microwave photonics technology has empowered the development of different ARoF 

architectures, including low-footprint and efficient broadband or multi-band fiber-wireless systems 

[9]. In a front-end based on microwave photonics technology, RF signal generation, filtering, 

mixing, and phase-shifting are all handled in a highly efficient optical processor, which not only 

substantiates the degree of integration but also dramatically reduces the complexity, costs, and 

losses in the frontend module. As suggested by the conceptual diagram of a dual-band ARoF 

system based on microwave photonic techniques in Figure 1.4, a multi-wavelength quantum-dot 

laser diode is adopted in a central station to generate four high-resolution optical signals 

corresponding to ��1, ��2, ��3, and ��4. Two RF signals are then modulated on the optical signals 

through an optical modulator. Four optical signals are set to beat on a photodiode at the access 

point to generate both MW and mmW RF signals for dual-band communications [8]. In this 

Figure 1.3 A multilayer dual-band antenna array with a large frequency ratio realized by patch 
array and perforated patch array 



4 
 

scenario, a seamless integration of an antenna array with a photodiode is critical for maintaining a 

high integration level and eliminating parasitic effects and losses associated with bonding wires. 

As a result, a multi-band antenna array on a high-�� substrate is intended for seamless integration 

with a photodiode in the transceiver, since high-�� materials like SiGe, GaAs, InP, etc. are typically 

used to develop photodiodes. In this case, the antenna-frontend integration inevitably encounters 

 

fundamental hurdles for achieving broadband, highly efficient, and high gain radiations in 

optoelectronic integrated circuits (OEICs). By using high-�� material in the conventional antenna 

array design, fundamental issues arise, such as a high confinement of electromagnetic (EM) fields 

in the substrate, resulting in an impedance mismatch between the antenna aperture and air, and 

reducing antenna gain and bandwidth, etc. It also prone the antenna structure to supporting slab or 

surface waves, resulting in tightly coupled antennas via excited surface waves, which severely 

degrades antenna performances. Furthermore, the excited surface waves propagate on the low-loss 

substrate and radiate at the discontinuities (e.g., truncated edges, etc.), potentially forming side 

lobes, increasing cross polarizations, and decreasing the gain and efficiency. In addition, as 

permittivity (and/or permeability) increases, the physical size of antenna elements decreases while 

inter-element spacing is kept unchanged to avoid increasing mutual coupling caused by space 

Figure 1.4  A general block diagram of a dual-band wireless system based on analog radio-over-
fiber technology 
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waves which result in the excitation of higher-order surface wave modes due to boundary 

conditions. Furthermore, the radiation and ohmic losses of feeding networks in a conventional 

antenna array, particularly in the mmW regime diminish the efficiency and gain of the antenna 

array. Therefore, realizing high-gain and efficient radiation by the conventional large antenna array 

is an extremely challenging task.  

To reduce mutual couplings in the conventional antenna array, we proposed some techniques for 

controlling surface waves and eventually reducing the associated mutual couplings without adding 

extra complexity to the antenna array structure in this thesis. However, due to substantial challenges 

and hurdles regarding the use of a conventional array on high-�� materials, we explored 2-D (planar) 

leaky-wave antennas as an alternative solution for the development of single or dual-band high-

gain antenna on high-�� materials in this Ph.D. thesis. Generally, due to the boundary condition 

realized by the metallic PRS, surface waves are not excited on the PRS surface. In addition, these 

types of antennas can generate broadside directive radiation patterns using simple feeding 

networks.  

We also investigated a technique based on self-scaling radiation pattern for the development of a 

dual-band antenna array with a large frequency ratio, however, it suffers from a narrow impedance 

bandwidth. Finally, a novel technique based on the interleaving of magnetic and electric surface 

currents is investigated for the development of multi-wideband antenna arrays, which are also 

appropriate for dense antenna-frontend integration. Because of a tight arrangement of the antenna 

elements in this technique, as the antenna size is reduced by increasing the relative permittivity 

(and/or permeability) of the substrate, inter-element spacings are also reduced. As a result, not only 

are surface waves weakly (or not at all) excited on the antenna aperture, but the antenna aperture 

is also efficiently used for radiations. Two dual-band antenna arrays with a high aperture-reused 

efficiency �D�U�H���W�K�H�Q���U�H�D�O�L�]�H�G���W�K�U�R�X�J�K���D���S�U�R�S�H�U���H�[�F�L�W�D�W�L�R�Q���R�I���W�K�H���D�Q�W�H�Q�Q�D���D�S�H�U�W�X�U�H�� 

1.2 Research objectives 

The aperture-shared technique is a promising solution for realizing a space-efficient, low-weight, 

and low-cost multi-band antenna array. In this technique, however, efficient reusing of the antenna 

array aperture is a key factor for the dense integration of the multi-band antenna array with active 

circuits. On the other hand, the monolithic integration of a multi-band antenna array with active 



6 
 

components is of significance for highly efficient antenna-frontend integration design scenarios in 

an ARoF-based wireless system. As a result, the primary objectives of this Ph.D. thesis are twofold: 

I)  To investigate and develop antenna array techniques on high-�� substrates for the seamless and 

monolithic integration of an antenna array with front-end. 

II)  To propose and investigate multiband antenna array techniques based on the concepts of 

aperture sharing and efficient aperture reusing for the development of a highly space-efficient 

multifunctional antenna system. 

There are six specific objectives progressively stemming from these two main objectives: 

1. �$�F�F�R�U�G�L�Q�J�� �W�R�� �W�K�H��open���O�L�W�H�U�D�W�X�U�H���� �Y�D�U�L�R�X�V�� �W�H�F�K�Q�L�T�X�H�V�� �K�D�Y�H�� �E�H�H�Q�� �S�U�R�S�R�V�H�G�� �I�R�U�� �U�H�G�X�F�L�Q�J��

�P�X�W�X�D�O�� �F�R�X�S�O�L�Q�J�� �F�D�X�V�H�G�� �E�\�� �V�X�U�I�D�F�H�� �Z�D�Y�H�V���� �7�K�H�V�H�� �W�H�F�K�Q�L�T�X�H�V�� �L�Q�F�O�X�G�H���� �������H�O�H�F�W�U�R�P�D�J�Q�H�W�L�F��

�E�D�Q�G�J�D�S�� ���(�%�*���� �����S�K�R�W�R�Q�L�F�� �%�D�Q�G�J�D�S�� ���3�%�*������ �������K�D�U�G���V�R�I�W�� �V�X�U�I�D�F�H�V���� �������P�L�F�U�R�P�D�F�K�L�Q�L�Q�J��of 

substrate �D�Q�G�� �������V�X�E�V�W�U�D�W�H�� �S�H�U�I�R�U�D�W�L�R�Q�����:�K�L�O�H�� �W�K�H�V�H�� �W�H�F�K�Q�L�T�X�H�V�� �D�U�H�� �D�S�S�O�L�F�D�E�O�H�� �I�R�U�� �V�S�H�F�L�I�L�F��

�V�F�H�Q�D�U�L�R�V�����W�K�H�\���K�D�Y�H���F�H�U�W�D�L�Q���O�L�P�L�W�D�W�L�R�Q�V����������t�K�H�\���U�H�T�X�L�U�H���D���V�L�J�Q�L�I�L�F�D�Q�W���D�P�R�X�Q�W���R�I���V�S�D�F�H���W�R���E�H��

�L�P�S�O�H�P�H�Q�W�H�G���H�I�I�H�F�W�L�Y�H�O�\�����D�Q�G��������t�K�H�\���F�D�Q���E�H���F�R�V�W�O�\���D�Q�G���F�R�P�S�O�H�[�����+�R�Z�H�Y�H�U�����Z�H���S�U�R�S�R�V�H���D�Q�G��

�L�Q�Y�H�V�W�L�J�D�W�H���D���Q�R�Y�H�O�����F�R�P�S�D�F�W�����D�Q�G���F�R�V�W���H�I�I�H�F�W�L�Y�H���W�H�F�K�Q�L�T�X�H���I�R�U���F�R�Q�W�U�R�O�O�L�Q�J���V�X�U�I�D�F�H���Z�D�Y�H�V���D�Q�G��

�P�L�W�L�J�D�W�L�Q�J���P�X�W�X�D�O���F�R�X�S�O�L�Q�J�V���L�Q���D�Q���D�Q�W�H�Q�Q�D���D�U�U�D�\�����7�K�L�V���W�H�F�K�Q�L�T�X�H���L�V���V�S�H�F�L�I�L�F�D�O�O�\���G�H�V�L�J�Q�H�G���I�R�U��

�K�L�J�K�O�\���L�Q�W�H�J�U�D�W�H�G���D�Q�W�H�Q�Q�D���I�U�R�Q�W�H�Q�G���D�S�S�O�L�F�D�W�L�R�Q�V�����X�W�L�O�L�]�L�Q�J���D��high-�����V�X�E�V�W�U�D�W�H.   

2. �&�R�Q�Y�H�Q�W�L�R�Q�D�O�� �D�Q�W�H�Q�Q�D�� �D�U�U�D�\�V�� �R�Q�� �K�L�J�K�������V�X�E�V�W�U�D�W�H�V�� �I�D�F�H�� �V�H�Y�H�U�D�O�� �F�K�D�O�O�H�Q�J�H�V���� �V�X�F�K�� �D�V�� �O�R�Z��

�D�S�H�U�W�X�U�H���H�I�I�L�F�L�H�Q�F�\�����O�R�Z���J�D�L�Q���U�D�G�L�D�W�L�R�Q�����D�Q�G���W�K�H���H�[�F�L�W�D�W�L�R�Q���R�I���V�X�U�I�D�F�H���Z�D�Y�H�V���Z�L�W�K���D�V�V�R�F�L�D�W�H�G��

�G�L�I�I�U�D�F�W�L�R�Q�V�����,�Q���R�U�G�H�U���W�R���D�G�G�U�H�V�V���W�K�H�V�H���L�V�V�X�H�V�����R�X�U���L�Q�Y�H�V�W�L�J�D�W�L�R�Q���I�R�F�X�V�H�V���R�Q���X�W�L�O�L�]�L�Q�J���D�������'��

�O�H�D�N�\���Z�D�Y�H���D�Q�W�H�Q�Q�D�����/�:�$�����Z�L�W�K���D���F�D�S�D�F�L�W�L�Y�H���3�5�6���R�Q���D���K�L�J�K���N���V�X�E�V�W�U�D�W�H�����%�\���H�P�S�O�R�\�L�Q�J���W�K�L�V��

�F�R�Q�I�L�J�X�U�D�W�L�R�Q�����Z�H���F�D�Q���S�U�H�Y�H�Q�W���W�K�H���H�[�F�L�W�D�W�L�R�Q���R�I���V�X�U�I�D�F�H���Z�D�Y�H�V���R�Q���W�K�H���D�Q�W�H�Q�Q�D���D�S�H�U�W�X�U�H���G�X�H��

�W�R���E�R�X�Q�G�D�U�\���F�R�Q�G�L�W�L�R�Q�V�����$�G�G�L�W�L�R�Q�D�O�O�\�����W�K�L�V���W�\�S�H���R�I���D�Q�W�H�Q�Q�D���L�V���F�D�S�D�E�O�H���R�I���J�H�Q�H�U�D�W�L�Q�J���K�L�J�K�O�\��

�G�L�U�H�F�W�L�Y�H���U�D�G�L�D�W�L�R�Q���S�D�W�W�H�U�Q�V���Z�L�W�K���D���V�L�P�S�O�H���I�H�H�G�L�Q�J���Q�H�W�Z�R�U�N�����+�R�Z�H�Y�H�U�����W�K�H���F�R�Q�Y�H�Q�W�L�R�Q�D�O�������'��

�/�:�$���V�X�I�I�H�U�V���I�U�R�P���O�R�Z���D�S�H�U�W�X�U�H���H�I�I�L�F�L�H�Q�F�\���D�Q�G���D���K�L�J�K���S�U�R�I�L�O�H���V�W�U�X�F�W�X�U�H�����7�R���R�Y�H�U�F�R�P�H���W�K�H�V�H��

�O�L�P�L�W�D�W�L�R�Q�V�����Z�H���K�D�Y�H���F�R�Q�G�X�F�W�H�G���U�H�V�H�D�U�F�K���D�Q�G���G�H�Y�H�O�R�S�H�G���D���S�U�R�W�R�W�\�S�H���R�I���D���Y�H�U�\���O�R�Z���S�U�R�I�L�O�H��

�D�Q�G�� �K�L�J�K���J�D�L�Q�� �����'�� �O�H�D�N�\���Z�D�Y�H�� �D�Q�W�H�Q�Q�D���� �7�K�L�V�� �D�Q�W�H�Q�Q�D�� �L�Q�F�R�U�S�R�U�D�W�H�V�� �D�� �F�D�S�D�F�L�W�L�Y�H�� �S�D�U�W�L�D�O�O�\��

�U�H�I�O�H�F�W�L�Q�J���V�X�U�I�D�F�H�����3�5�6�����R�Q���D���K�L�J�K�������V�X�E�V�W�U�D�W�H�����U�H�V�X�O�W�L�Q�J���L�Q���L�P�S�U�R�Y�H�G���D�S�H�U�W�X�U�H���H�I�I�L�F�L�H�Q�F�\. 

3. �'�H�Y�H�O�R�S�L�Q�J�� �D�� �P�X�O�W�L�E�D�Q�G���D�Q�W�H�Q�Q�D�� �D�U�U�D�\�� �Z�L�W�K�� �D�� �O�D�U�J�H�� �I�U�H�T�X�H�Q�F�\�� �U�D�W�L�R�� �L�V�� �H�V�V�H�Q�W�L�D�O�� �I�R�U�� �W�K�H��

�G�H�Y�H�O�R�S�P�H�Q�W���R�I���P�X�O�W�L�I�X�Q�F�W�L�R�Q�D�O���W�U�D�Q�V�F�H�L�Y�H�U�V�����+�R�Z�H�Y�H�U�����D�F�K�L�H�Y�L�Q�J���D���K�L�J�K�O�\���H�I�I�L�F�L�H�Q�W���D�Q�W�H�Q�Q�D��
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�D�U�U�D�\�� �W�K�D�W�� �F�D�Q�� �F�R�Q�Y�H�U�J�H�� �V�H�Y�H�U�D�O�� �U�H�V�R�Q�D�Q�F�H�� �I�U�H�T�X�H�Q�F�L�H�V�� �Z�L�W�K�� �V�L�J�Q�L�I�L�F�D�Q�W�� �U�D�W�L�R�V�� �S�R�V�H�V�� �D��

�F�R�Q�V�L�G�H�U�D�E�O�H���F�K�D�O�O�H�Q�J�H�����7�K�H���S�U�H�V�H�Q�F�H���R�I���J�U�D�W�L�Q�J���O�R�E�H�V���L�Q���W�K�H���Y�L�V�L�E�O�H���U�H�J�L�R�Q���U�H�G�X�F�H�V���D�Q�W�H�Q�Q�D��

�H�I�I�L�F�L�H�Q�F�\���� �P�D�N�L�Q�J�� �W�K�L�V�� �W�D�V�N�� �H�Y�H�Q�� �P�R�U�H�� �G�H�P�D�Q�G�L�Q�J���� �7�R�� �D�G�G�U�H�V�V�� �W�K�H�V�H�� �F�K�D�O�O�H�Q�J�H�V���� �W�K�H��

�D�S�H�U�W�X�U�H���V�K�D�U�L�Q�J�� �W�H�F�K�Q�L�T�X�H�� �H�P�H�U�J�H�V�� �D�V�� �D�� �Y�L�D�E�O�H�� �D�Q�G�� �S�U�R�P�L�V�L�Q�J�� �V�R�O�X�W�L�R�Q���� �7�K�L�V�� �W�H�F�K�Q�L�T�X�H��

�D�O�O�R�Z�V�� �I�R�U���W�K�H�� �G�H�Y�H�O�R�S�P�H�Q�W���R�I�� �O�R�Z���F�R�V�W���� �O�L�J�K�W�Z�H�L�J�K�W���� �V�S�D�F�H���H�I�I�L�F�L�H�Q�W���� �D�Q�G�� �S�R�Z�H�U���H�I�I�L�F�L�H�Q�W��

�D�Q�W�H�Q�Q�D���D�U�U�D�\�V���Z�L�W�K���D���O�D�U�J�H���I�U�H�T�X�H�Q�F�\���U�D�W�L�R����W�H���I�R�F�X�V���R�Q���L�Q�Y�H�V�W�L�J�D�W�L�Q�J���D�Q�G���S�U�R�W�R�W�\�S�L�Q�J���G�X�D�O��

�E�D�Q�G�� �D�Q�W�H�Q�Q�D�� �H�O�H�P�H�Q�W�V�� �W�R�� �G�H�Y�H�O�R�S�� �G�X�D�O���E�D�Q�G�� �D�Q�W�H�Q�Q�D�� �D�U�U�D�\�V�� �Z�L�W�K�� �O�D�U�J�H�� �I�U�H�T�X�H�Q�F�\�� �U�D�W�L�R�V��

�X�V�L�Q�J���W�K�H���D�S�H�U�W�X�U�H���V�K�D�U�L�Q�J���W�H�F�K�Q�L�T�X�H.  

4. Developing a dual-band antenna array with a unified feeding network that operates across 

a large frequency ratio on high-�����P�D�W�H�U�L�D�O�V���L�V���F�U�X�F�L�D�O���I�R�U���W�K�H���V�H�D�P�O�H�V�V���L�Q�W�H�J�U�D�W�L�R�Q���R�I���D���G�X�D�O-

band antenna-frontend in a radio-over-fiber system. In light of this, we propose and 

prototype a novel dual-band antenna operating in the S- and Ka-bands, with a frequency 

ratio of nine. The antenna design is based on the 2-D leaky-wave antenna theory and utilizes 

an inductive PRS on a heterogeneous high-���� �V�X�E�V�W�U�D�W�H���� �1�R�W�D�E�O�\���� �W�K�H�� �S�U�R�S�R�V�H�G�� �G�H�V�L�J�Q��

achieves an aperture-reused efficiency of 100%. 

5. While several techniques have been investigated for realizing dual-band antenna arrays, 

these arrays often suffer from limited impedance and gain bandwidths. In order to overcome 

these challenges, we propose and prototype a novel concept based on the interleaving of 

coupled electric and magnetic surface currents. This concept is aimed at developing a dual-

wideband aperture-shared antenna array with a high aperture-reused efficiency, facilitating 

deep integration of the antenna-frontend. By employing this approach, we aim to address 

the limitations of existing techniques and enable the development of dual-band antenna 

arrays with improved impedance and gain bandwidths, paving the way for enhanced 

performance and seamless integration in the antenna-frontend system.  

6. In order to meet the requirements of a multi-functional transceiver, it is necessary to achieve 

multi-wideband radiation. To address this need, we propose and prototype a novel technique 

based on the interleaving of coupled electric and magnetic surface currents. This technique 

is specifically developed for the creation of a multi-wideband aperture-shared antenna array 

with a high aperture-reused efficiency, enabling seamless integration in antenna-frontend 

systems. By utilizing this approach, we aim to facilitate the development of antenna arrays 
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capable of operating across multiple wideband, thereby supporting the implementation of 

multi-functional transceivers. This innovative technique allows for efficient utilization of 

the aperture and promotes effective integration within antenna-frontend systems.   

In the long run, the proposed antenna techniques and methodologies will serve as a robust 

foundation for the development of a multifunctional OEIC transceiver using advanced fabrication 

processes such as cost-effective yet mature complementary metal-oxide-semiconductor (CMOS) 

and miniature hybrid microwave integrated circuit (MHMIC). This densely integrated 

multifunctional antenna-frontend module is set to demonstrate underlying advantages including 

cost-effectiveness, space, and power efficiency. 

1.3 Organization of the thesis 

In chapter1, a brief introduction to multifunctional ARoF wireless systems and antennas on high-

���� �P�D�W�H�U�L�D�O�V��is presented. The potential advantages and opportunities of multifunctional wireless 

systems are also discussed. It also highlights the motivations and objectives of the thesis. Chapter 

2 presents a state-of-the-art literature review of multi-band antenna arrays using aperture-shared 

techniques. We discuss various topologies and point out some future directions for further research 

on this type of antennas. We also review the 2DLW antenna as a methodology for the development 

of a multi-band antenna array�����,�Q���F�K�D�S�W�H�U���������Z�H���S�U�R�S�R�V�H���D���Q�R�Y�H�O���W�H�F�K�Q�L�T�X�H���I�R�U���F�R�Q�W�U�R�O�O�L�Q�J���V�X�U�I�D�F�H��

�Z�D�Y�H�V�� �L�Q�� �.�D���E�D�Q�G�� �I�R�U�� �W�K�H�� �F�R�Q�Y�H�Q�W�L�R�Q�D�O�� �D�Q�W�H�Q�Q�D�� �D�U�U�D�\�V�����2�X�U�� �U�H�V�H�D�U�F�K�� �V�K�R�Z�V�� �W�K�D�W�� �D�S�S�O�\�L�Q�J�� �W�K�H�V�H��

�W�H�F�K�Q�L�T�X�H�V���U�H�V�X�O�W�V���L�Q���D�������G�%���U�H�G�X�F�W�L�R�Q���L�Q���P�X�W�X�D�O���F�R�X�S�O�L�Q�J���D�Q�G���D�������G�%���L�P�S�U�R�Y�H�P�H�Q�W���L�Q���W�K�H���E�U�R�D�G�V�L�G�H��

�U�D�G�L�D�W�L�R�Q���S�D�W�W�H�U�Q�����7�K�L�V���F�K�D�S�W�H�U���L�V���F�R�Q�V�L�V�W�H�Q�W���Z�L�W�K���W�K�H���I�L�U�V�W���V�S�H�F�L�I�L�F���R�E�M�H�F�W�L�Y�H.   

We explore the 2DLW antenna, with a capacitive PRS on a high-�� material in chapter 4. We 

show that in the proposed 2DLW antenna, the propagation and leakage of a quasi-TEM mode result 

in an extremely low-profile, high-gain antenna. In addition, the aperture efficiency is enhanced by 

15% as compared to the conventional air-filled counterpart. This chapter is consistent with the 

second specific objective. In chapter 5, we investigate the aperture-shared technique with two 

different methodologies for the development of dual-band antenna arrays with large frequency 

ratios. The first design is a multilayer antenna structure operating in S- and Ka-band. The second 

one is a single-fed multi-mode resonance slot antenna coupled to three narrow strips operating in 

X- and Ka-band with a self-scalable radiation pattern. This chapter is consistent with the third 

specific objective. A dual-band antenna operating in S-band and Ka-band is developed using the 
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2DLW antenna concept and the aperture-shared technique in chapter 6. The leaky-wave radiation 

behavior of an antenna with a heterogeneous substrate is investigated. In the proposed scenario, an 

MMR PRS can significantly enhance the broadside directivity. This chapter is consistent with the 

fourth specific objective. 

We develop a space-efficient, dual-wideband aperture-shared radiating surface based on the 

interleaving of coupled electric and magnetic surface currents in chapter 7. The antenna array is 

developed and fabricated using a cost-effective multi-layer PCB process that operates in Ku- and 

Ka-band. This chapter is consistent with the fifth specific objective. In chapter 8, a general 

methodology for developing a multi-band antenna array is investigated. We develop a dual-

wideband radiating unit realized by a 2×2 close arrangement of the antenna elements. A space-

efficient 2×4 dual-band array prototype is developed and fabricated. This chapter is consistent with 

the sixth specific objective.  

Chapter 9 provides a general discussion of methodologies and techniques used in this Ph.D. 

thesis. It starts with the concept of deep and seamless antenna frontend integration and is followed 

by fundamental issues regarding the use of conventional antenna arrays on high-�����P�D�W�H�U�L�D�O�V���D�Q�G��

how solutions based on planar LWA can be applied as a proper alternative for it. This discussion 

proceeds by offering a novel approach for developing multi-band antenna arrays based on using 

both electric and magnetic surface currents that can address the drawbacks of conventional antenna 

arrays as well. Eventually, chapter 10 concludes the thesis by highlighting the accomplishments 

and outcomes. It also presents some areas that can be further investigated as the future follow-up of 

this research work.  

The contributions of the authors in the articles are as follows: 

1) Article 1: 1.1) Amirhossein Askarian: literature review and writing the article 1.2) Prof. 

Ke Wu: reviewing scientific content and revising the article.  

2) Article 2: 2.1) Amirhossein Askarian: investigation, simulation, measurement and 

writing the article 2.2) Prof. Jianping Yao: reviewing and revising the scientific content 

of the article 2.3) Dr. Zhenguo Lu: reviewing the article and providing funding for the 

project 2.4) Prof. Ke Wu: scientific supervision, project leader, and reviewing and 

revising the article.   
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3) Article 3: 3.1) Amirhossein Askarian: investigation, simulation, measurement, and 

writing the article 3.2) Prof. Jianping Yao: reviewing and revising the scientific content 

of the article 3.3) Dr. Zhenguo Lu: reviewing the article and providing funding for the 

project 3.4) Prof. Ke Wu: scientific supervision, project leader, and reviewing and 

revising the article.   

4) Article 4:  4.1) Amirhossein Askarian: the investigation, simulation, measurement and 

writing the article 4.2) Prof. Jianping Yao: reviewing and revising the scientific content 

of the article 4.3) Dr. Zhenguo Lu: reviewing the article and providing funding for the 

project 4.4) Prof. Ke Wu: scientific supervision, project leader, and reviewing and 

revising the article.   

5) Article 5:  5.1) Amirhossein Askarian: investigation, simulation, measurement and 

writing the paper 5.2) Pascal Burasa: assistance in writing, organizing, and editing the 

article 5.3) Prof. Jianping Yao: reviewing and revising the scientific content of the 

article 5.4) Dr. Zhenguo Lu: reviewing the article and providing funding for the project 

5.5) Prof. Ke Wu: scientific supervision, project leader, and reviewing and revising the 

article.   

6) Article 6:  6.1) Amirhossein Askarian: investigation, simulation, measurement and 

writing the article 6.2) Pascal Burasa: assistance in writing, organizing, and editing the 

article 6.3) Prof. Ke Wu: scientific supervision, project leader, and reviewing and 

revising the article. 
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CHAPTER 2               LITERATURE REVIEW   

2.1 ARTICLE  1: APERTURE-SHARED RADIATION SURFACE:  

A PROMISING TECHNIQUE  FOR MULTIFUNCTIONAL 

ANTENNA ARRAY DEVELOPMENT  

 

Amirhossein Askarian, and Ke Wu 

Submitted to the Electromagnetic Science Journal, April 1, 2023. 

 

In the development of a multifunctional and multi-stranded analog frontend module in emerging 

and future wireless systems, multifunction antenna array is an indispensable component. To this 

end, the aperture-shared technique comes of age, which has demonstrated significant advantages 

in the cost-effective design of efficient, compact, multiband, multi-beam, and polarization-

diversified antenna arrays, particularly with high frequency ratios. In this paper, various antenna 

topologies and surface architectures based on this technique, which have been proposed and 

developed so far for a wide variety of applications, are reviewed, examined and categorized to 

highlight the nature of electromagnetic aperture-sharing schemes and merits. Finally, we briefly 

discuss future research directions in this connection for multifunction millimeter-wave and 

terahertz wireless systems development. 

2.2 Introduction  

Millimeter-wave (mmW) and terahertz (THz) frequency bands have been selected and dedicated 

in support of B5G and 6G wireless communication systems as a fundamental solution to address 

the spectrum scarcity issue and also to improve the capacity/speed requirement of existing wireless 

systems. In particular, those electromagnetic frequency bands due to their shorter wavelengths and 

propagation properties, are highly demanded for emerging applications such as imaging, sensing, 

locating, and spectroscopic systems, which go far beyond the conventional domains of wireless 

communication, as shown in Figure 2.1 [10, 11]. However, they suffer from high path loss and low  
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Figure 2.1 Multifunctional and multi-standard mmWave communications including integration of 
mmWave and MW for 5G and 6G wireless systems [10, 11] 

wave penetration in objects, which presents numerous technical hurdles for wireless systems. 

Radiofrequency and microwave (RF/MW) frequency bands, on the other hand, have the potential 

to propagate longer in space as they present lower propagation loss. However, due to crowded 

existing spectrum, low data rate transmission and poor spatial resolution in these frequency ranges, 

they are unable to meet current and future requirements. To take full advantages provided by each 

allocated frequency spectrum, a multiband operation would be a viable and promising approach 

[12].Obviously, multiband and multi-stranded operation can be used for a variety of purposes and 

applications, such as 1) the integration of radar and communication (RadCom) functions in a 

multifunction transceiver, which provides a novel low-cost, low-footprint, and power-efficient 

multifunctional intelligent front-end module, 2) synthetic aperture radar (SAR) applications for 

acquiring additional information about objects, such as backscattering and penetration information 

[13-15], and 3) in scenarios involving concurrent power transfer and data transmission in an IoT-

oriented wireless systems[16-18] etc. Since antenna is used to accomplish such critical functions 

as the "ears and eyes" of wireless systems, the most important requirement for the forthcoming 

cutting-edge MW, mmW, and THz multi-functional transceivers is no doubt the development of 

highly efficient, compact, high-gain, and multi-band antenna arrays with polarization diversity. Of 

course, the technical requirement of antenna arrays can be different from one application to another. 

Conventional multiband, dual-polarized antenna array architectures based on the independent and 

side-by-side arrangement of various antenna apertures typically suffer from bulky size, low 

aperture efficiency, and insufficient isolation level between different frequency bands (caused by 
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strong electromagnetic (EM) mutual couplings and interactions between those antenna arrays). 

Around 1997, the aperture-sharing technique was proposed and demonstrated [19] for synthetic 

aperture radar (SAR) application, which presents a promising approach to the development of low-

cost, low footprint, and low weight multifunction antenna arrays. This is of particular interest for 

high aperture efficiency multiband antenna arrays with a large frequency ratio, using common 

antenna aperture. As schematically suggested in Figure 2.2, this emerging antenna technique can 

effectively be applied to the development of a low-footprint, multi-functional receiver as well as a 

cutting-edge multiband analogue radio-over-fiber (ARoF) wireless system [20]. 

 

Figure 2.2 (a) Block diagram of a typical multifunctional receiver integrated with a multiband 
aperture-shared antenna array, (b) a general diagram of a dual-band ARoF wireless system 

integrated with a dual-band aperture-shared antenna array 

2.3 Aperture-shared technique 

Aperture-shared technique has been studied and exploited over the past years to successfully 

incorporate diverse antenna operations such as multiband, multibeam, multi-polarization, or any 

combination of them, in a shared radiating surface. The conventional approach is based on a 

proximity or simple interlacing of numerous antenna elements operating in different frequency 

bands [19, 21] . Generally, this would not be an efficient solution strategy for future multifunction 

wireless systems. Strong mutual coupling, inter-modulation products, and harmonic components 

as well as antenna untuning would be some of undesired or even disastrous consequences of the 

conventional approach that severely degrade the performance of a transceiver. To address these 

issues a timely optimization process is imposed to the co-deign procedure making this methodology 
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inefficient design strategy. In the recently developed and demonstrated innovative aperture-shared 

concept, on the other hand, each antenna element is "reused" to operate as a multifunctional 

component that effectively contributes to the operation of entire antenna array's frequency bands. 

In this co-design scenario, all EM interactions (resonance, coupling, and propagation, for example) 

are utilized to achieve the desired or targeted antenna performance. The ratio of aperture reuse 

(�4�#�4��
L���5�å���5) is used to measure the performance of this technique, where S is the occupied area 

of a larger radiating structure (operating in a lower frequency band), and Sr is the occupied area of 

the radiating structure (operating in a higher frequency band) integrated in the larger radiating 

structure [22]. In general, various antenna topologies based on the aperture-shared technique can 

be evaluated and compared using some key factors as figure of merits (�(�K�/), as shown in Figure 

2.3. 

 

Figure 2.3 The general key factors for evaluating and designing an aperture-shared antenna array 

 

Depending on application scenario, some factors may be more prominent than the others. However, 

the majority of which, for instance 1) efficiency (including aperture, radiation, and aperture-

reused); 2) isolation; 3) radiation pattern (including cross polarization, gain, directivity, side-lobe 

level, and back radiation); 4) bandwidth (including impedance, and pattern bandwidth), are 

essential factors that require special consideration during the design stage for a wide range of 

applications. In several applications, a specific structure geometry (antenna profile, footprint, and 
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complexity) of an antenna array is not a limiting factor as they may only increase fabrication costs; 

however, in an on-chip and integrated design scenario, this factor becomes determining and pivotal 

parameters for selecting antenna types and design methodologies. Therefore, types of antenna 

elements, feeding networks, fabrication techniques, antenna geometries, and array arrangements 

will be determined according to a desired application and performance. This article reviews and 

focuses on the technical merits and potential drawbacks of "aperture-shared" technique in the 

development of multi-band, multi-beam, and dual-polarized antenna arrays from a historical 

perspective to the most recent research progress on the performance enhancement for various 

frequency ranges and applications. It is worth noting that this technique has been referred to as or 

called by a variety of names in the literature, including 1) shared-aperture; 2) aperture-

shared/sharing; and 3) common radiating aperture/surface etc. However, throughout the paper, we 

refer to it as "aperture-�V�K�D�U�H�G���³�����$�F�F�R�U�G�L�Q�J���W�R���W�K�H���R�S�H�Q���O�L�W�H�U�D�W�X�U�H�����P�D�Q�\���W�\�S�H�V���R�I���D�S�H�U�W�X�U�H-shared 

antenna array have been proposed and developed in connection with diversified polarization 

diversity, multiple beams, and frequency bands. As shown in Figure 2.4, we may essentially 

categorize the published techniques and structures in terms of polarization including 1) single 

polarization 2) dual-polarization consisting of dual-linear polarization and dual-circular 

polarization in which numerous techniques of planar and non-planar realization such as SIW, 

metasurface and holographic, Fabry-Perot antenna (2D leaky-wave antenna), transmitarray, 

reflectoarray, metallic waveguide, etc. have been used in the demonstration of apertured-shared 

antennas.  

Figure 2.5 illustrates the evolution of publications on aperture-shared antenna arrays for each major 

subdivision (according to Figure 2.4). These trends cover journal and conference articles with 

contributions from both IEEE and non-IEEE organizations. Obviously, this technique was 

proposed firstly for the development of a dual-linear polarized antenna array which 

has experienced an exponential growth particularly in the recent years.  
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Figure 2.4 Hierarchical classification of aperture-shared antenna arrays according to the litreture 

 

Figure 2.5 Chronological trend of aperture-shared publication record (including both journals and 
conferences) in the global community (extracted from Compendex database) according to 

polarization, and Pie chart representing percentage of publication for each category 
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Thereafter, it was applied to the development of linear-polarized (LP) antennas, which have 

likewise experienced rapid growth. As depicted by the Pie graph, single-polarized aperture-shared 

antenna array-related publications account for almost one half of all publications. Subsequently, a 

linear rise regarding research and development interests in circularly polarized aperture-shared 

antennas has occurred during the past ten years. 

2.4 Single-polarized aperture-shared antenna array 

As illustrated in Figure 2.5, single-polarized aperture-shared antennas have drawn considerable 

attention in past few years[4, 6, 8, 22-31],[32-56]. Various antenna elements, such as DRA and 

patch, patch and slot arrays, perforated patches, patch and square ring, gap waveguide antenna 

arrays, patch and grid arrays, cavity-backed slot arrays, and dipole and bowtie arrays, FPC antennas 

, Metasurfaces have been used in the development of dual-band aperture-shared antenna arrays. 

2.4.1 Dua-band and single-beam antenna array 

A dual-band antenna array operating at 26GHz and 3.5GHz was proposed in[23].  A 2×4 substrate-

integrated dielectric resonator antenna (SIDRA) array operating at 26 GHz is placed within a 2×2 

segmented patch antenna operating at 3.5 GHz. Due to the use of low-profile antenna elements 

(patch antenna and DRA), the total profile of the antenna array is 0.03��0L where ��0L is free space 

wavelength at the lower resonant frequency. To reduce mutual couplings, DRAs were surrounded 

by metallic concentric grooves. In addition, element-to-element spacing was increased up to 0.75��0 

to further diminish mutual couplings. Due to large inter-element spacing, however, the scanning 

range of this antenna was limited to ±25°. The impedance bandwidth of antenna is 11.7% and 

11.9% for the lower and higher frequency band, respectively. 

Another dual-band aperture-shared antenna array presented in [6] includes a large 3.5 GHz 

segmented perforated patch antenna and two cavity-backed 1×2 mmW patch antenna subarrays. 

This low-profile, low-footprint, and dual-band antenna array operates in 3.38 to 3.64 GHz and 26.4 

to 29.8 GHz with 7.4% and 12.1% impedance bandwidths, respectively. Thanks to the use of SIW 

cavities, high isolation levels were achieved over both frequency bands (45 dB at 3.5 GHz and 40 

dB at 28 GHz). Furthermore, peak gain in the lower band is 6.9 dBi while it reaches 14.36 dBi in 

the mmW frequency band. The SIW cavity not only improved the isolation level and impedance 

bandwidth of the antenna array, but also enhanced the realized gain by creating a high-Q resonance 
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at the operating frequencies. As mentioned earlier, the ratio of aperture reuse (�4�#�4) is a crucial 

factor in an aperture-shared antenna array that can be regarded as a �(�K�/. A high value of RAR 

indicates that the antenna aperture is being used effectively in both frequency bands. A dual-band 

antenna array that operates at 60 GHz and 3.5 GHz was proposed in[22] with a frequency ratio of 

17. In this antenna array, a 12×12 SIW slot array operates at 60 GHz while the whole surface of 

the SIW structure was reused to operate as a large patch antenna working at 3.5GHz, as shown in 

Figure 2.6. As reported, the RAR for this antenna architecture is 0.77. As it can be seen, the 

maximum radiation occurs at the antenna's edges in the S-band whereas the slot antennas etched 

on the patch antenna's surface radiate primarily at the aperture's center in the mmW frequency 

band. With the high-pass nature of the SIW structure and also the use of a compact microstrip 

resonant cell (CMRC) in the feeding line, high isolation levels of around 130 dB at 3.5 GHz and 

65 dB at 60 GHz were achieved. 

 

Figure 2.6 The outline of the dual-band aperture-shared antenna array proposed in[22] operating 
at 3.5 and 60 GHz 

Gap waveguide (GW) technology can be adopted in antenna structure to eliminate the substrate 

loss and to develop a high-efficient and high-gain antenna. It is realized by two parallel plates in 

which one of them is a metallic surface and the other is a high-impedance surface created by 
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periodic metal nails[24] . This guiding structure confines the EM fields along the propagation path; 

therefore, the EM leakage would be very low. Miguel at el. in this work showed that using GW in 

an aperture-shared antenna results in a high-gain and highly efficient dual-band antenna array. The 

proposed 8×8 antenna array operates in K-band (19.5-21.5 GHz) and Ka-band (29-31 GHz). As 

illustrated in Figure 2.7, radiating elements in both frequency bands are circular apertures. These 

circular apertures were realized by GWs in both layers, which were excited in two orthogonal 

polarizations. A grating lobe is anticipated to appear in the antenna pattern as the antenna operates 

at two distant frequencies (20 and 30 GHz), which decreases the antenna's radiation efficiency. To 

circumvent this issue, a waffle grid was designed and applied to the antenna's aperture, making the 

aperture fields uniform and eliminating the grating lobe. The realized gain in K and Ka frequency 

bands are 26 dBi and 29.5 dBi, respectively. The peak radiation efficiency of the antenna array 

 

Figure 2.7 The general and exploded views of the dual-band antenna array operating in K- and 
Ka-band based on gap waveguide technology [24] 

is over 85% for both frequency bands. A multi-layer dual-band antenna array operating in the S- 

and Ka-band was reported for 5G applications in [4] . The perforated patch antenna (S-band 

element) was fed by proximity coupling and a 3×3 squares patch array (operating in Ka-band) was 

fed by an aperture coupling technique. For improving impedance bandwidth in the S-band, a square 
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ring antenna introduced at the topmost layer, which is EM-coupled to the perforated patch antenna. 

A bandwidth of around 8% and 19% was reported respectively in the S-band and Ka-band. Another 

dual-band aperture-shared antenna array was designed by interlacing bowtie and rectangular slot 

antennas for low earth orbit (LEO) satellite communication in [26], as detailed in Figure 2.8. The 

proposed dual-band antenna array functions in the K-band (19 GHz) and Ka-band (29 GHz) with 

frequency ratio of 1.5. An 8×8 antenna array in the K-band consists of 16 substrate-integrated 

coaxial line (SICL)-fed bowtie slots while in the Ka-band it includes 16 cavity-backed SIW-fed 

slot pairs. With reference to Figure 2.8, since TE120 mode is excited in the cavity, a pair of slots 

etched on the top of the cavity are fed in-phase generating a broadside radiation. The SIW and the 

SICL corporate feeding networks are set to drive the Ka-band cavity-backed slot pairs antennas 

and K-band bowtie slot antennas, respectively. 

 

Figure 2.8 The overall and layers views of the dual-band antenna array proposed in[26] 

Thanks to the use of SIW cavity, SIW, and SICL transmission lines (TL), high isolation level (50 

dB and 60 dB) and broad impedance bandwidth (14.7% and 20.7%) were achieved in both 

frequency bands.  As mentioned in[26] ,  the electric field is perpendicular to the cavity-backed 

slots in the Ka-band while it is transverse to the bowtie slots in the K-band; therefore, this antenna 

shows a vertical polarization in the Ka-band (with cavity-backed slots) and a horizontal 

polarization in the K-band (with a bowtie slots). The peak measured gains were reported as 21.4 
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dBi and 22 dBi in the K and Ka-band, respectively. The fabrication of multilayer antenna arrays 

typically involves a time-consuming, expensive, and sophisticated procedure, increasing the 

antenna profile, which is therefore not an appropriate solution for all applications. A novel single 

layer dual band aperture-shared dipole antenna was proposed in [27]. This antenna operates at both 

28GHz and 3.5 GHz with 20% impedance bandwidth. A 1×4 array of Yagi antennas operating at 

28 GHz was integrated in a large dipole antenna operating at 3.5 GHz. To improve port-to-port 

isolation levels, an SIW structure was applied to both Ka- and S-band feeding lines. Impedance 

bandwidth of the Ka-band antenna array was improved by introducing an interdigital coupling 

(IDC) structure. This dual-band antenna with a simple structure showed peak gain of 7.1 dBi and 

11.3 dBi in the S- and Ka-band, respectively. The Fabry-Perot cavity (FPC) antenna or equivalently 

2D leaky-wave antenna concept is popular in antenna design due to its simple structure and ability 

 

Figure 2.9 The conceptual illustration of a 2D leaky-wave antenna excited by a magnetic current 
on the ground plane 

to generate a highly directive radiation pattern without a complex feeding network [8, 28-31, 57]. 

The operation of this antenna is based on a partial leakage of EM waves that propagate radially in 

a cavity, as shown in Figure 2.9. The cavity is formed between a ground plane (at the bottom) and 

a partially reflecting surface (PRS) at the top separated by about a half-wavelength apart. The PRS 

in its classical and conventional form is a metallic surface in which periodic discontinuities (i.e., 

slots) are etched (inductive PRS) or a planar surface on the dielectric substrate in which tightly 

coupled square metallic patches are arranged periodically (capacitive PRS). The antenna is 

generally designed to operate based on the first higher order mode of a parallel plate waveguide 

[30] ; therefore, according to the EM field distribution in this mode, it can be efficiently excited by 
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an electric current (dipole) at the middle of cavity (where electric field is maximum) or a magnetic 

current (slot) etched on the ground plane (where magnetic field is maximum). A uniform/quasi 

uniform 2D leaky-wave antenna is realized with an air-filled cavity in which radiation is based on 

the fundamental leaky-wave mode (or equivalently �J��
L ���r space harmonic) [30, 31] while a 

periodic leaky-wave antenna (e.g., a dielectric-filled cavity with a large relative permittivity) 

primarily radiates based on �J��
L��
F�s space harmonic [28] . Over the past years, the aperture-shared 

technique has been adopted to the FPC antenna theory for the development of a multi-band single 

and dual-polarized antenna with a large frequency ratio [32-39] . The proposed dual-band air-filled 

FPC antenna in [32] operates in 0.68-1.07 GHz and 1.7-2.7 GHz with 36% and 46.5% impedance 

bandwidth, respectively. As shown in Figure 2.10, the cross-bowtie antenna operating at the higher 

band [high band antenna (HBA)] was placed under the four loop antennas working at the lower 

band [low band antenna (LBA)] were positioned at the top layer and then all antennas were excited 

 

Figure 2.10 The outline view, gain profile (for different topologies), and circuit model of the 
proposed dual-band FPC-based aperture-shared antenna [32] 

by coaxial TLs. In this aperture-shared architecture, the LBA has some shielding effects, which 

blocks the HBA radiation. In order to address this issue, the authors added a low-pass 11×11 PRS 

(capacitive PRS) between the HBA and the LBA. In a transverse equivalent network (TEN) model, 

the PRS is represented by a shunt capacitor; thereby, the capacitive PRS realizes a low-pass circuit. 

A result of the low pass nature of PRS, it is transparent in the low frequencies but opaque in the 

higher frequencies. Therefore, an FPC antenna was realized with HBA because PRS sheet is 
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partially reflective (opaque) in this band while having a minor effect on the radiation of LBAs (four 

loop antennas).  Another PRS layer (PRS 2 in Figure 2.10)  was incorporated above the LBA to 

improve the antenna's performance even further. As this layer is highly transmissive in the low 

frequency band and reflective in the higher frequency band, it is set to enhance the gain of the HBA 

while having no impact on �W�K�H���/�%�$�¶�V���U�D�G�L�D�W�L�R�Q���D�V���V�K�R�Z�Q���L�Q��Figure 2.10. A PRS layer can be used 

effectively in two or more distinct frequency bands with various functions as a multifunctional 

element. In this case, the aperture reuse ratio approaches unity, which improves the antenna 

performance. This concept has been reported in [33],  in which the top layer serves as a Fresnel 

zone plate (FZP) or a PRS depending on the frequency band. With reference to Figure 2.11, a dual-

functional layer (PRS and FZP) was applied in [33]for the development of a dual band aperture-

shared antenna operating in sub-6 GHz (3 GHz) and mmW (28 GHz). In the sub-6 GHz, a FPC 

antenna was created by printing periodic grid patches on the substrate while a FZP lens was realized 

by employing periodic double-screen dipoles. 

These two layers were stacked and unified to form an engineered, dual-functional layer at the top. 

Therefore, this layer concurrently functions as the PRS of a FPC antenna in the sub-6 GHz and a 

FZP lens in the mmW. To create a high gain FPC in the sub-6 GHz band, the ground plane should 

be highly reflective. However, this highly reflective ground plane has destructive effects on the 

mmW band since the consecutive reflections of EM waves between the ground plane and the FZP 

lens degrade the antenna performance in the mmW band. To solve this issue, instead of a solid 

metallic plate, a grid-based ground plane was used, as shown in Figure 2.11. This engineered 

ground plane is transparent to the mmW while it is reflective to sub-6 GHz. This technique has 

improved the radiation pattern in mmW while having minor effects on the sub-6 GHz performance 

as illustrated in Figure 2.11. In the sub-6GHz, the FPC antenna is excited by a large patch antenna 

on the bottom layer and a WR-34 waveguide, which feeds the patch antenna at 28 GHz, was housed 

in an opening within the patch antenna. The measured gains are 15 dBi at 3 GHz and 20.4 dBi at 

28 GHz. Metasurface theory and SIW techniques have been investigated over the past years for the 

development of a multi-band, multi-polarized, and multi-beam antenna with aperture-shared 

technique as elaborated below. 
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Figure 2.11 The general view of fabricated dual-band FPC-based antenna along with cross-
section view of the radiated aperture fields along with effects of solid and slotted ground planes 

on the gain of the proposed antenna in both frequency bands [33] 

A metasurface-based low-profile (0.04��0), and dual-band antenna operating in the S- and X-band 

with wide beam scanning ability (±50°) has been proposed in [40]. The antenna elements at both 

bands are squared mushroom (patches with a metallized via at its center). The designed multilayer 

stacked array antenna consists of 11 elements in a triangular lattice operating in the S-band and 

8×16 elements in a rectangular arrangement operate in the X-band. The S-band elements were 

placed under the X-band antenna array to avoid the radiation blockage. This configuration and 

architecture allow the antenna to operate properly in both frequency bands without grating lobes 

during broad beam scanning. The measured gain and impedance bandwidth in the S-band are 12.8 

dBi and 11.7%, respectively and these values are 13.7 dBi and 11.1% for the X-band operation. 

2.4.2 Single-band and multi-beam antenna array 

Although the aperture-shared concept was initially developed to create multiband antenna arrays, 

it can also be applied to form single-band antenna arrays where multiple radiation beams are 

generated from a single shared aperture. SIW is a promising and well-known technique that can be 

effectively applied to generate multiple radiation patterns from a common aperture in an end-fire 
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antenna array. SIW corporate feed beamforming network, compact SIW Rotman lens, and Butler 

matrix-fed SIW antenna array are some of the examples of SIW-based aperture-shared multi-beam 

antenna arrays that can be employed in in-flight satellite communication, automotive radar, and 5G 

mobile devices[45] . Holographic leaky-wave theory [46] can be applied to establish beamforming-

free multi-beam and high-gain antennas from a single aperture. The number of beams and their 

directions are first defined in this technique, and then a corresponding pattern is printed and 

arranged on a guiding structure. This pattern "modulates" the guided wave as it travels through the 

antenna structure. Floquet spatial harmonic expansion is used to expand the aperture EM field and 

each field component in this expansion called "space harmonics". In a periodic leaky-wave antenna, 

the radiation is primarily caused by the �J��
L��
F�s space harmonic [28]. In [47], a novel holographic-

based 2D leaky-wave antenna was reported for the generation of four radiation beams from a 

common surface. Surface waves, which serve as guiding waves in this antenna, were excited at the 

aperture's center by a small monopole antenna. The antenna's aperture was then divided into four 

sections. A sinusoidal-modulated surface impedance based on the holographic theory was realized 

in each section by printing patches of varying sizes. Excited surface waves in each section are 

modulated in different manner, resulting in generating four radiation patterns in four directions. A 

holographic-based dual-beam and polarization-diversified antenna was described in [48]. The 

fundamental of this antenna is similar to [47], however one pattern in this antenna has vertical 

polarization while the other has horizontal counterpart. A more complicated metasurface-based 

antenna can be deployed to generate several radiation beams from a surface. David et al. [49] 

proposed a novel methodology for generating multi-beam from a surface without sectorizing the 

surface. In this technique, all aperture was used for the superposition of several modulations. Each 

modulation generates a radiation pattern in a specific direction. In addition, a scenario based on 

multisource was investigated in which all radiation beams generated by several sources can be 

combined to generate a single radiation pattern. This technique can be adopted in some applications 

�V�X�F�K�� �D�V�� �³�V�S�D�W�L�D�O�� �S�R�Z�H�U���F�R�P�E�L�Q�L�Q�J�´����Table 2.1 provides a thorough summary of some published 

articles for single-polarized aperture-shared antenna arrays in which critical factors in these antenna 

arrays are listed and compared for various antenna topologies and techniques. 
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Table 2.1  Summary of critical factors of single-polarized aperture-shared antenna array 
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As can be seen the antenna arrays based on FPC [32, 33] ,[35, 36],[38, 39] , generally provide 

relatively high gain, and high aperture-reused efficiency while those antenna arrays suffer from a 

high profile structure as compared to the other types of arrays. However, waveguide antenna arrays 

including gap waveguide[24] and SIW [22] , and [26] antenna arrays offer high levels of isolations 

between frequency bands with very low profile structures. 

2.5 Dual-polarized aperture-shared antenna array 

Channel capacity of a wireless system can be improved by several fundamental techniques namely 

1) space diversity (i.e., using several antennas operating at the same frequency), 2) frequency 

diversity (i.e., using a multiband antenna), and 3) polarization diversity (i.e., utilizing a 

polarization-diversified antenna operating at the same frequency), or any combination of those 

techniques. Among them, the polarization diversity is more spectral and space efficient, which is 



28 
 

�D�O�V�R�� �O�H�V�V�� �V�H�Q�V�L�W�L�Y�H�� �W�R�� �W�K�H�� �F�K�D�Q�Q�H�O�¶�V�� �G�L�V�W�R�U�W�L�R�Q�V���� �,�Q�� �W�K�L�V�� �W�H�F�K�Q�L�T�X�H���� �D�W�� �O�H�D�V�W�� �W�Z�R�� �R�U�W�K�R�J�R�Q�D�O��

polarizations are used to develop a full-duplex data transmission operating in the same frequency 

band. It can be effectively used in the development of a compact, low-cost, and spectral-efficient 

full -duplex transceiver. As a result, the development of a space and power-efficient, low-cost, 

polarization-diversified antenna array with high levels of isolation between the ports and 

polarizations is highly desired. In this section, we first review several state-of-the-art 

methodologies for creating a dual-linear polarized antenna array, and then we proceed to dual-

circular polarized antenna array based on aperture-shared technique. 

2.5.1 Dual-linear polarized antenna array 

2.5.1.1 Dual/Tri -band, and single-beam antenna array   

The conventional and classical structure of a dual-band and single-beam aperture-shared antenna 

array realized by perforated-patch array in lower band and square patch array in higher band is 

represented in Figure 2.12. This multilayer architecture is the most prevalent type for SAR 

applications that has been widely reported in the literature[19],[21, 58-63].  The perforated antenna 

array at the top is transparent to the radiation of the patch antenna array at the bottom layer. This 

technique was applied in [21] ,[58] for developing a dual-band and dual-polarized antenna array 

operating in L-band and C-band with impedance bandwidth of 100 MHz and scanning range of 

±25°. One of the fundamental challenges in this type of antennas to handle and govern mutual 

couplings between antenna elements operating in the higher frequency band (e.g., square patch 

array) and the lower-band array's feeding network, which are both housed on the same substrate. 

To address this issue, inter-element spacing is typically selected as 0.8��0 to 0.9��0, which, in turn, 

reduces the array's scanning ability. A dual-band antenna array operating in the S- and X-band was 

designed in [59] using stacked dipole antenna and square patches. In this configuration, the 

impedance bandwidths for the low band (S-band) and high band (X-band) are 9% and 17%, 

respectively. Perforated patches, stacked patches, and slim crosspatches were utilized to develop a 

tri-band (X/Ku/Ka-band) aperture-shared antenna array in [63] with the impedance bandwidths of 

3.6%, 6.7%, and 5.3%, respectively. Although this type of antenna array architecture and topology 

is very compact and allows for a wide range of frequency band selection, it suffers from low 

impedance bandwidth, scanning range, and poor isolation. More advanced and sophisticated 

techniques have been applied in recent years to develop multi-band, dual-polarized aperture-shared 
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Figure 2.12 The classical and conventional type of a dual-band and dual-polarized aperture-
shared antenna array 

antenna arrays with improved performance (e.g., isolation level, bandwidth, gain, and radiation and 

aperture efficiency) using more complex fabrication processes and technologies [61, 62, 64-78].  

In [64], a dual-band and dual-polarized antenna with vertical and horizontal polarizations was 

proposed for operations in the Ka-band (33-34GHz) and Ku-band (15-17GHz) with a scan range 

of up to ±50°. Figure 2.13 shows a unitcell with radiation patterns of the antenna containing both 

Ka and Ku-band dipole antennas. With reference to Figure 2.13, to compensate for the shading 

effects of Ku-band antennas on Ka-band antennas and improve the scanning ability, parasitic 

directors were loaded in the Ka-band to increase the height of the phase center in these antennas. 

The advantage of this antenna array is that it provides reasonable impedance bandwidth while also 

offering a high realized-gain and a wide scanning range in both frequency bands. The peak gain of 

antenna in the Ku and Ka-band are 19.7 dBi and 22.8 dBi, respectively. 

 More complicated structure was designed in [66]  for a dual-band operation in the S-band 

(2.4GHz) and V-band (60 GHz) with frequency ratio of 17. A large patch antenna radiates in the 

S-band and orthogonal long-slot array etching on the large patch radiates in V-band. Therefore, the 

�V�X�U�I�D�F�H���R�I���W�K�H���O�D�U�J�H���S�D�W�F�K���D�Q�W�H�Q�Q�D���Z�D�V���³�U�H�X�V�H�G�´���I�R�U���F�U�H�D�W�L�Q�J���V�O�R�W���D�Q�W�H�Q�Q�D���D�U�U�D�\���L�Q���9-band. A circular 

V-band SIW-based structure with five ports was used to feed the V-band antenna, as shown in 

detail in Figure 2.14. Since, antenna was differentially fed at both frequency bands, a stable beam 

direction (particularly in V-band) was observed over the frequency band of interest. 



30 
 

 

 

Figure 2.13 Unitcell and the fabricated prototype of the antenna array proposed in[64] 

With reference to Figure 2.14, a five-port hybrid junction consists of a vertical cylindrical TL was 

connected to a circular cavity. Two differential ports (2 &3 and 4&5) excite two degenerate modes 

[TE11(1) and TE11(2)] in the circular cavity, then the cavity was connected to the SIW power 

dividers on the top layer through port 1. At 2.5GHz, a quarter-wavelength coaxial cavity excites 

the TM01 mode on the top patch antenna. This antenna showed a peak gain of 27.8 dBi in V-band 

and 8 dBi in the S-band. The isolation levels in the S-band and V-band are better than 25 dB and 

55 dB, respectively.  

Although this antenna showed a high gain and high isolation level, it still suffers from low 

impedance bandwidth. Impedance bandwidths in the S-band and the V-band are around 3.27% (2.4 

to 2.48 GHz) and 3.5% (59.7 to 61.3 GHz), respectively. Impedance and pattern bandwidths can 

be improved by the concurrent use of magnetic and electric currents (a Huygens source) in antenna 

design. This type of antenna is called magneto-electric dipole (MED) or complementary antenna 

in the literature. Impedance and pattern bandwidths can be improved by the concurrent use of 

magnetic and electric currents (a Huygens source) in antenna design. This type of antenna is called 

magneto-electric dipole (MED) or complementary antenna in the literature. In fact, they are well-

known for their broad impedance and gain bandwidth, low cross-polarization, and high 

radiation/aperture efficiency. Although this type of antenna has been investigated and developed  
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Figure 2.14 Exploded figure of the proposed dual-polarized and dual-band antenna in[66] 

with a variety of architectures and structures, a conventional type is basically realized by using an 

orthogonal arrangement of a half-wavelength dipole and a quarter-wavelength patch antenna, 

which serve as electric and magnetic currents, respectively[79].  In this scenario, slot, and dipole 

modes are properly coupled realizing multi-mode resonances and wide impedance and gain 

bandwidths.   An aperture-shared dual-band and dual-polarized antenna based on MED antenna 

was proposed in[68] for 5G communication systems. The antenna operates in 2.35 to 3.93 GHz 

and 24 to 34 GHz with 50.31% and 33.91% impedance bandwidths, respectively. A 2×2 MED 

antenna array operating in a higher frequency band was designed within a large SIW rectangular 

cavity. By a proper arrangement of these four MED antennas, a larger MED antenna was realized 

which operates in a lower frequency band. Therefore�����W�K�H�����î�����0�(�'���D�Q�W�H�Q�Q�D���D�U�U�D�\���Z�D�V���³�U�H�X�V�H�G�´���W�R��

create a larger MED antenna.  

Two degenerate- modes TE120 and TE210 were excited in the SIW cavity for a dual-polarized 

operation. Four horn antennas with tilted inner walls were then placed over the four small MED 

antennas (a 2×2 array) to increase the realized gain of array. The antenna's peak gains are 10.67 

dBi at 3.8 GHz and 14.85 dBi at 32.2 GHz. Although high realized-gains and broad impedance 

bandwidths were reported for this antenna, scanning range of this antenna is limited to ±20°.A 
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high-gain antenna operating in the X- and Ka-band was developed in [34] using the FPC concept 

in conjunction with a transmitarray (TA). According to Figure 2.15, the top layer, or shared surface, 

serves two functions 1) a PRS (an opaque surface) for the FPC antenna operating in the X-band, 

and 2) a phase shifting surface (a transparent surface with a small attenuation) for the TA antenna 

operating in the Ka-band, which results in a 100% aperture-reused efficiency. The antenna 

architectures in both frequency bands are similar, as both antennas consist of a feeding source, a 

ground plane, and a multifunctional surface above the ground plane. Therefore, independent 

control frequency responses of the top layer in both frequency bands are critical in this scenario. 

The top layer consists of four stacked double concentric rings, which can operate as both TA and 

PRS. Thanks to its Cartesian-symmetric design, it can be used for a dual-polarized radiation. 

Finally, two dual-polarized patch antennas were employed and placed at the proper positions to 

feed the dual-functional aperture in both frequency bands. This antenna has successfully achieved 

high levels of isolation between frequency bands, 15 dB for the Ka-band and 30 dB for the X-band, 

respectively. Peak realized gains are 14.8 dBi and 24.4 dBi at 10 and 28 GHz, respectively. 

 

Figure 2.15 Dual-band, dual-polarized antenna proposed in[34] using both FPC and TA antennas 

2.5.1.2 Single-band and single-beam antenna array 

Unlike conventional dual-polarized aperture-shared antenna arrays (c.f. Figure 2.12), which are 

intended to operate in multiple frequency bands with orthogonal polarizations, this type is designed 

to function in a single frequency band while sharing a common radiating surface between two or 

more radiation beams with orthogonal polarizations[65],[67]. This type of antenna can be 

employed in a wireless communication system to boost channel capacity and reduce the effects of 
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multipath fading. A 15-layer (with Ferro A6M with �0r = 5.9 and thickness of 94 ��m in individual 

layer) 16×16 antenna array with low-temperature co-fired ceramic (LTCC) process was designed 

in [65] to operate at 60 GHz offering both vertical and horizontal polarizations. The radiating 

elements are SIW cavity-backed slot antenna, and they were fed by a corporate vertically coupled 

SIW feeding network. Port-to-port isolation level is 22 dB and peak aperture, and radiation 

efficiencies are 87.1% and 50% for both polarizations, respectively. This antenna provides a peak 

realized gain of 24.6 dBi in both polarizations. As reported in [67], a 4×4 single-band and dual-

polarized antenna array was designed to operate in 23-29.7 GHz with impedance bandwidth of 

25.4%. Radiating elements are differential-fed MED antenna, which were fed by L-probes. Port-

to-port isolation level is 18 dB and aperture efficiencies are 55% in both polarizations. 

2.5.2 Dual-circular polarized aperture-shared array 

Circular polarization (CP), which is widely used in satellite communications, can be used in a 

variety of wireless systems to reduce polarization mismatch losses, and to offer a robust immunity 

to channel multipath distortions. Several techniques for generating CP radiation in antenna arrays 

have been proposed in the literature, including using LP antenna elements then using a LP-to-CP 

�S�R�O�D�U�L�]�H�U���V�X�U�I�D�F�H���F�O�R�V�H���W�R���W�K�H���D�Q�W�H�Q�Q�D�¶�V���D�S�H�U�W�X�U�H [80] , employing CP antenna elements [81] ,[82, 

83] , exploiting LP antenna element along with sequential rotation technique in feeding network 

[84], [83], [85, 86], using two orthogonal overlapped LP antenna arrays with a 90° phase difference 

between their feeding networks[87] , and using metasurface [88] . This section begins with a review 

of dual-band and dual-circular polarized (DCP) antenna arrays, then proceeds to a discussion on 

single-band and DCP antenna arrays using aperture-shared techniques. 

2.5.2.1 Dual-band and single-beam antenna array   

A dual-band DCP antenna operating in the K- and Ka-band was designed and analyzed in [80]. 

The antenna has right-hand CP (RHCP) radiation from 19.7 to 20.2 GHz and left-hand CP (LHCP) 

radiation from 29.5 to 30 GHz. To begin with, the dual-band LP aperture-shared antenna array was 

created by interlacing loop antennas of various sizes. This antenna array was used as a source to 

launch LP radiation. A dual-band LP-to-CP polarizer sheet was then placed over the dual-band LP 

aperture-shared array antenna to generate dual-band CP radiation, as shown in Figure 2.16. The CP 

array antenna can provide a wide beam scanning range (±55° to ±60°) with axial ratio (AR) less 

than 4 dB in both frequency bands. Since the polarizer is in the near-field of the antenna array, both 
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co- and cross-polarization components are reflected from it, which degrades the antenna 

performance. In this case, the reflected waves were properly considered in the design, and the 

antenna and polarizer components were optimized accordingly. The measured peak gains at 19.95 

GHz and 29.75 GHz are 17.65 and 20.94 dBi, respectively. As shown in Figure 16, the gain drops 

by 4.3 dB when antenna scans up to 55°. Aperture efficiencies at 19.95 and 29.75 GHz are 81.4% 

and 77%, respectively. 

In[81] , an SIW cavity-backed slot antenna integrated in a square patch antenna was proposed as a 

radiating element for the development of a dual-band and DCP shared-aperture antenna array 

operating in the X-band and C-band.  The X-band antenna element is a cavity-backed circular slot 

with two perturbation vias symmetrically positioned with a proper distance around the slot. These 

two visas separate two degenerate modes of TE102 and TM201 in the cavity and generate a CP wave. 

A square patch antenna in C-band was designed with a set of asymmetrically placed vias loaded in 

the diagonal line. These two vias effectively excite two degenerate modes, TM010 and TM100, in 

the patch antenna, resulting in the radiation of a CP wave in the C-band. These two antennas were 

stacked together in a two-layer structure in which the bottom layer contains a via-loaded patch 

operating in the C-band and at the top, there is an SIW cavity-backed slot antenna operating in the 

X-band.  Thanks to this compact structure, aperture-reused efficiency is 88.3%. AR bandwidths 

are 1.04% in the band of 5.765 to 5.825 GHz, and 0.75% in the band of 9.29 to 9.36 GHz. The peak 

gains are 8.4 dBi and 6.35 dBi in the C- and X-band, respectively. 

In [84] , a 4×4 DCP waveguide antenna array was proposed for a dual-band operation in K- (20 

GHz) and the Ka-band (30 GHz) with RHCP and LHCP, respectively. As shown in Figure 2.17, 

the antenna element is a dual-port and DCP waveguide hornconnected to a square feeding 

waveguide with a ridged septum polarizer. The five-section ridge polarizer inside the square 

waveguide transforms TE10 mode to TE01 mode, and a 90° phase shift is realized by the adjustment 

of a septum polarizer size for generating CP wave. To eliminate grating lobes in the radiation 

pattern, some corner stubs in the radiating cavity were introduced to uniformize the apert�X�U�H�¶�V���I�L�H�O�G��

distribution. 
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Figure 2.16 The overall structure of the proposed dual-band, and dual-circular polarized antenna 
array along with the realized gains profiles and the fabricated prototype [80] 

The sequential rotation feed technique was then used to im-prove CP properties. The overlapped 

impedance and AR bandwidths (AR < 2dB) are 20% (18-22GHz) for RHCP and 13.3% (28-32 

GHz) for LHCP. The measured peak gains in K and Ka-band are 23.94 dBi and 26.87 dBi, 

respectively. 

 

Figure 2.17 Configuration of the proposed dual-circular polarized antenna array in [84] 

2.5.2.2 Single-band and single-beam antenna array 

A 15×15 single-band DCP antenna array was designed in [87] for 94 GHz. The antenna consists 

of two layers, the bottom layer of which is made up of two overlapped orthogonal long SIW slots, 
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while the SIW feeding networks were located at the top layer, as illustrated in Figure 2.18. Two 

SIW 16-way power dividers in the first layer were excited by a 90° coupler to provide the required 

phase shift for CP radiation. Two layers were EM-coupled by slots etched in the SIW line. This 

isolation level between RHCP and LHCP is better than 15 dB and the antenna has a peak gain of 

26 dBi with total radiation efficiency of 57.5% at 94 GHz. The AR bandwidth is about 1% (93.5 

to 94.5 GHz).  

Table 2.2 provides a comprehensive summary of some published articles for dual-polarized 

aperture-shared antenna arrays in which critical factors in these antenna arrays are listed and 

compared for various antenna topologies. As is indicated, the dual-polarized MED antenna 

arrays[67, 68]  provide a large impedance bandwidth, moderate peak gains, and isolation levels 

between polarizations as compared to the other types of antenna arrays. Unlike the MED antenna 

arrays, the waveguide antenna array [84] can provide high gains and isolation levels in both 

frequency bands while a more complicated fabrication process should be adopted for the 

realization. Considering both advantages and disadvantageous of each type of antenna array and 

depending on applications and required specifications, the types of antenna arrays are selected 

 

Figure 2.18 The overall configurations of the proposed single-band and dual-circular polarized 
antenna array in [87] 
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Table 2.2 Summary of critical factors of dual-polarized aperture-shared antenna array 

Ref 
Freq. 

(GHz) 

Antenna 

type 

Peak gain 

(dBi) 

Bandwidth (%)  Peak efficiency (%) Isolation 

(dB) 

Scan. 

range 

(±°) 

Pol. 

(Dual) Imped. Gain Aper. Rad. 

[59] 1.25/9.65 Patch -/26 6.4/3 - 50/40 - 40/40 20 LP 

[61] 5.3/9.6 FPC 16.4/21 3.7/2.1 4.5/7.3 - 61.5/62 25/35 15 LP 

[62] 
9.6/14.8 

/34.5 
Patch 

13.8/18.1 

/19.2 
3/2/8.7 - - 85/82/80 25/25/25 - LP 

[64] 16/34.5 Dipole 13.5/22.8 12.5/8.7 12.5/8.7 - 90/75  50 LP 

[65] 60 SIW slot 24.6 12.2 - 87.1 50 22 - LP 

[66] 2.4/60 Patch/ slot 8/27.8 3.27/3.5 - - - 25/55 - LP 

[67] 26.3 MED 19.8 25.4 - 55 - 25.4 - LP 

[68] 3.5/28 MED 10.67/14.85 50.3/33.9 - - 80/70 55/33 20 LP 

[69] 2.2/3.55 Ring/FSS 8.6/7.2 40/14.1 - - - - - LP 

[71] 2.47/8 Patch 8.5/10.8 22/19.3 - - - 32 - CP/LP 

[80] 19.9/29.7 Ring 17.65/20.94 2.5/1.6 - 19.9/29.7 - - 55/60 CP 

[81] 5.77/9.3 Patch/slot 8.4/6.35 4.5/2.7 - - - - - CP 

[84] 20/30 Waveguide 23.9/26.8 20/13.3 - 61.4/53.6 - 40/40 - CP 

[82] 1.15/6 Patch/FPC 5.8/13.8 3.9/9.9 - - - 35/20 - CP 

[85] 5.3/8.2 Patch 14.5/17.5 21/21.2 - 
59.4/55.6 

 
- 15/20 - CP 

[88] 20/30 Patch 27/28.5 15.8/13 14.1/11 35.3/23.9 - - - CP 
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2.6 Future Prospects and Research Directions 

According to the published literature, aperture-shared technique has shown numerous fascinating 

advantages over traditional antenna array techniques that merits further investigations and 

developments. As suggested and predicted by Figure 2.19, this technique could be further expanded 

and researched in three main directions as elaborated and elucidated in the following subsections. 

 

Figure 2.19 Future prospects and research directions for aperture-shared antenna technique 

2.6.1 Terahertz 

As THz regime offers unprecedented merits for wireless systems, it becomes more and more 

accessible and attractive for some applications such as non-destructive sensing and imaging, short 

range gigabit (or even greater) wireless communication etc. As a result, the development of a multi-

band, dual-polarized, and high-gain aperture-shared antenna array would be a necessity for the 

upcoming multifunctional THz transceiver. Excessive losses in both RF circuits and air (path loss) 

on one hand, and a scarcity of high-power RF sources in this frequency regime on the other, 

necessitate the investigation of high-gain, and highly space and power-efficient aperture-shared 

techniques and architectures based on innovative technologies and methodologies. 

2.6.2 Integration 

Due to the unavoidable loss in TL and matching net-works (MN) in mmW and THz systems, deep 

integration (without TL and MN) of antenna with active circuits [89] would be a principal design 

scenario of upcoming RF integrated circuits. In this design scenario, all components and functions 
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including radiating element, biasing network, active circuits, TL and MN are aggregated and 

handled in a multifunctional component called unified circuit-antenna (UNICA). As a result, the 

development of a low-footprint, highly aperture-efficient aperture-shared antenna array with a 

spartan structure and architecture suitable for direct integration of active circuits with antenna is 

indeed a pivotal demand. 

On the other hand, seamless integration of antenna with active circuits is necessary to eliminate 

loss and parasitic effects of bond wires in integrated design scenarios, particularly in ARoF-based 

wireless systems [c.f Figure 2.2(b)]. Since active circuits (transistors, diodes, photodiodes, laser 

diodes, etc.) are implemented on materials with high relative permittivity (e.g., Si, SiGe, InP, etc.), 

a highly power-efficient aperture-shared antenna array should be also implemented on the materials 

with high permittivity [8, 28] . In this case, new sets of space and power-efficient methodologies 

techniques for controlling surface waves and reducing mutual couplings [90], eliminating scan 

blindness and edge diffractions, and improving antenna array radiation pattern, gain, and 

impedance bandwidths (e.g., using magnetic materials [91] etc.) would be necessary to be further 

investigated. 

2.6.3  Aperture-reused efficiency 

As previously stated, the innovative aperture-shared technique in antenna design is centered on the 

"reusing and refunctioning" of each component and radiating element to operate successfully and 

�F�R�Q�V�W�U�X�F�W�L�Y�H�O�\�� �L�Q�� �D�O�O�� �D�Q�W�H�Q�Q�D�¶�V�� �I�X�Q�F�W�L�R�Q�V[22],[33],[34],[66],[92]. In this case, according to 

definition, the aperture reuse ratio would approach unity, or equivalently aperture-reused efficiency 

would approach 100%. In this scenario, all mutual couplings and EM interactions could be 

incorporated and considered constructively during the design process to be employed effectively 

and positively in all antenna functions. As a result, the need for complex decoupling mechanisms 

and structures will be relaxed, potentially resulting in antenna simplification and cost reduction. 

This design strategy merits further investigation and research. 

2.7 Conclusion 

In this article, numerous techniques and design approaches for the development of multifunctional 

antenna arrays based on aperture-shared technique was reviewed and studied. The published works 

were primarily classified according to polarization, which included 1) single polarization and 2) 
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dual polarization, which was further subdivided into 2.1) dual-linear polarization and 2.2) dual-

circular polarization, and each sub-section was expanded and elaborated on the basis of open 

literature results from technical and applications perspectives. Finally, future research directions 

are discussed and fore-casted in three fundamental aspects of terahertz, integration, and aperture-

reused efficiency. This technique, we believe, is a promising approach for realizing multifunctional 

and multi-stranded antenna arrays for existing and upcoming wireless systems. 
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CHAPTER 3  ARTICLE 2: SURFACE-WAVE CONTROL 

TECHNIQUE FOR MUTUAL COUPLING MITIGATION IN   

ARRAY ANTENNA  

 

Amirhossein Askarian, Jianping Yao, Zhenguo Lu, and Ke Wu 

Published in the IEEE Microwave and Wireless Component Letters, vol. 32, no. 6, pp. 623-626, 

January 12, 2022. 

 

We propose and investigate an easy technique to mitigate the mutual coupling of integrated antenna 

elements caused by surface waves in a high-permittivity grounded dielectric substrate, which can 

be deployed for high-density integration of antenna and front end on a substrate. Two approaches 

are examined to realize the proposed concept: 1) the removal of the ground plane between two 

collinear antennas and a series of uniform corrugations are introduced at the edges of the remaining 

parts to create a transition region between grounded and ungrounded regions and to form a sort of 

transversal surface waveguide and  2) to partially remove the ground plane with long, longitudinal, 

and closely spaced slots etched over the ground plane to offset the inductivity of the ground plane. 

Simulation and measurement results on an example based on two 25-GHz patch antennas show 

reductions in the mutual coupling of around 9 dB and improvement in broadside radiation pattern 

by 4 dBi. 

3.1 Introduction  

Mutual coupling in antenna array is attributed to two substantial effects.  

1) Space Waves: When two antennas are in close vicinity (order of a quarter wavelength or 

less) in the H-plane, this mutual coupling is mostly related to near-field effects.  

2) Surface Waves: In a high-permittivity material with a larger distance (order of a half-

wavelength or more) especially over the E-plane, the contribution of surface waves in 

mutual coupling outweighs the near-field effects. Some papers in this connection [93-98] 

employed low-permittivity materials in which antennas either are arranged in close vicinity 
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in the H-plane or operate at a very low frequency. In either case, the mutual coupling is 

mainly governed by the near fields.  

Attempts have been made for suppressing or diminishing the effect of surface waves [99-115]. The 

electromagnetic bandgap (EBG) technique shows a great capability to alleviate the propagation of 

surface waves partially or completely in a specific direction or even in an isotropic manner. It can 

be realized with either a periodically loaded substrate with drilled holes to form a honeycomb or 

triangular lattice or periodically etched patterns in the ground plane [99]. In addition, it can be 

realized by periodic patches with a central metalized via that forms a PMC-like surface[100-103]. 

However, the realization of a proper bandgap takes up a large area and requires substrate drilling 

and perforation. A substrate perforation technique was introduced to create an effective permittivity 

of dielectric slab [104]. Micromachining is another technique that is usually employed for AoC to 

enhance radiation efficiency and reduce the amount of power coupled to surface waves [105-111]. 

The soft and hard surface (SHS) technique, either in a trench or via hole configuration, can also 

alleviate the propagation of surface waves to some extent [112-115] . Although these techniques 

are still applicable and valuable, in this letter, we present a small-footprint, low-cost, and easy-to-

adopt surface-wave control technique for high-�� material-based integrated antenna array in which 

no laser drilling or metallization is required. 

3.2 Theory and methodologies 

To characterize surface-wave modes in a dielectric slab, the well-established odd�±even mode 

analysis can be applied to develop two sets of even and odd equations for TM and TE waves. A 

general solution of electromagnetic (EM) analysis in a dielectric slab includes a linear combination 

of both odd and even modes. However, in a grounded dielectric, due to boundary conditions, the 

TE waves only include odd modes, while TM waves hold even modes [116].  Figure 3.1 shows the 

dispersion diagram of surface-wave modes with propagation constant �� for a grounded RT/Duroid 

6010 (�Ý�å 
L��10.2 and thickness of 25 mil), which is not only used for mimicking a semiconductor 

substrate but also for experimental validations in this work. As indicated, the cutoff frequency of 

TE1 is around 39 GHz (�@�ã�4�¤ 
N�r�ä�r�{); therefore, only TM0 mode of surface waves is excited in our 

desired frequency range (24�±32 GHz). As is well known, TM modes propagate on an inductive 

surface, while TE modes require a capacitive impedance surface for propagation. To reduce the  
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Figure 3.1 Normalized dispersion diagram of surface wave modes for grounded RT/Druid 6010 
�Z�L�W�K���W�K�L�F�N�Q�H�V�V���R�I���³�G�´ 

surface inductance for disrupting the propagation of TM0 mode, we remove the ground plane 

between the two collinear antennas. To investigate the surface impedance of the created 

ungrounded region, we evaluate the dispersion diagram of surface waves. A general and accurate 

EM solution for the ungrounded dielectric slab includes a linear combination of both odd and even 

modes of TM and TE waves. However, due to employing a high-permittivity dielectric slab (�Ý�å �(

�Ý�å�Ô�Ü�å
L �s), the ungrounded surfaces can be considered as PMC-like surfaces. Using this 

approximate yet acceptable condition, we estimate the dispersion diagram for an ungrounded 

dielectric slab as shown in Figure 3.2, which includes solely even TE modes and odd TM modes.  

 

Figure 3.2 Normalized dispersion diagram of surface wave modes for ungrounded RT/Druid 
�����������Z�L�W�K���W�K�L�F�N�Q�H�V�V���R�I���³�G�´ 

Obviously, in the desired frequency spectrum (�@�ã�4 
O�r�ä�s�¤ ), only the TE0 mode propagates along 

the substrate. Having employed the TEN model (Figure 3.3) along with the TL theory according 

to (3.1) (where, �Ú�6 
E�D�6
�6 
L �Ý�å�G�4

�6 ; �ß�4���L�V���L�Q�W�U�L�Q�V�L�F���L�P�S�H�G�D�Q�F�H���R�I���D�L�U�����1���L�V���F�R�Q�G�X�F�W�L�Y�L�W�\���R�I���F�R�S�S�H�U�������G�4 
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is free space wavenumber, �<�6
�Í�Æ�Ù 
L �ß�4�D�6

�Í�Æ�Ù �Ý�å�G�4
W ���á�<�6
�Í�¾�Ø 
L �ß�4�G�4 �D�6

�Í�¾�Ø�¤ ,and  �<�æ
L �4�æ
E�F�: �æ=�:�s
E

�F�;
¥�ß�4�G�4 �t�ê�¤ ���â���J�á�I 
L �r�á�s�á�t�á�ä�ä) , we calculated the normalized surface reactance (�: �æ
�ñ �ß�4�¤ ) of the 

air-dielectric interface for both grounded and ungrounded dielectric as described in Figure 3.4 (a).  

 

Figure 3.3 (a) �7�(�1���P�R�G�H�O���I�R�U���J�U�R�X�Q�G�H�G���G�L�H�O�H�F�W�U�L�F���Z�L�W�K���W�K�L�F�N�Q�H�V�V���R�I���³�G�´�����K1 and h2 are propagation 
constants of surface waves in air and dielectric, respectively along the x-axis, �V�æ is surface 

impedance of ground plane and �V�æ�ñ is surface impedance of air-dielectric boundary. (b)TEN model 
for ungrounded dielectric loaded with air impedance (Z0TE is air impedance for TE mode) 

 

�<�æ�ñ
L �<�6
�Í�Æ�Ù�������Í�¾�Ø 
L

�<�ß�â�Ô�×
E�F�<�6
�Í�Æ�Ù�������Í�¾�Ø �–�ƒ�•�F�t�è

�D�6
�Í�Æ�Ù�������Í�¾�Ø

�G�4
�@
�ã�4

�G

�<�6
�Í�Æ�Ù�������Í�¾�Ø 
E�F�<�ß�â�Ô�×�–�ƒ�•�F�t�è

�D�6
�Í�Æ�Ù�������Í�¾�Ø

�G�4
�@
�ã�4

�G

�� �:�u�ä�s�; 

We consider two scenarios for developing TEN model for the ungrounded region 1) an open-ended 

TL corresponding to PMC surface (ideal load), and 2) a TL loaded with air impedance (non-ideal 

load) as depicted in Figure 3.3(b). As shown in Figure 3.4 (a), the surface impedance is capacitive 

for the ideal load (infinite load) and it becomes somewhat inductive for the non-ideal load (air 

impedance) as �@�ã�4�¤  approaches 0.1, while the grounded region is inductive over the entire range. 

In both scenarios, alteration in surface impedance is pronounced between the grounded and 

ungrounded regions. This step change in surface impedance creates a narrow discontinuity/singular 

region between grounded and ungrounded parts as illustrated in Figure 3.4(b). The trapped TM0 

and TE0 surface waves on either side of this singular line create standing waves which not only  
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Figure 3.4 Normalized surface reactance for both grounded and ungrounded dielectric slabs with       
�W�K�L�F�N�Q�H�V�V���R�I���³�G�´�������E�����0�D�J�Q�H�W�L�F���I�L�H�O�G���G�L�V�W�U�L�E�X�W�L�R�Q���I�R�U���W�K�H���D�Q�W�H�Q�Q�D���D�U�U�D�\���Z�L�W�K���G�L�V�M�R�L�Q�W���J�U�R�X�Q�G���S�O�D�Q�H�V 

lead to impedance mismatch in antennas but also increase the back radiations as studied in Figure 

3.7 (b). 

3.2.1 Ground plane with corrugated edges 

�%�\���L�Q�W�U�R�G�X�F�L�Q�J���D���V�H�U�L�H�V���R�I���W�L�Q�\���F�R�U�U�X�J�D�W�L�R�Q�V���L�Q���W�K�H���J�U�R�X�Q�G���S�O�D�Q�H�¶�V��edges [117-119], as suggested in 

Figure 3.5(a), back radiations are alleviated to a tangible extent as studied in Figure 3.7 (b). In this 

case, surface waves will be guided to the transverse direction [y-axis in Figure 3.5(b)] through the 

corrugated edges. Figure 3.5(b) represents the magnetic field distribution in the corrugated ground 

plane, signifying that the corrugated parts act as transversal surface waveguides. According to 

simulation results indicated in Figure 3.7(a), this technique with corrugation length around a 

quarter guided wavelength, �V�H�W�V���W�R���U�H�G�X�F�H���P�X�W�X�D�O���F�R�X�S�O�L�Q�J���E�\�������G�%�����0�L�Q�L�P�X�P���F�R�U�U�X�J�D�W�L�R�Q���S�L�W�F�K�´��

�3�´���D�Q�G���Z�L�G�W�K���³�:1�´�����Z�K�L�F�K���D�U�H���D�O�V�R���R�S�W�L�P�X�P���Y�D�O�X�H�V [119]) were restricted by our PCB fabrication 

process in Poly-Grames Research Center. 
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Figure 3.5 Geometry of collinear antenna array with corrugated ground plane, L1= 12.82, L2 = 
2.1, L3= 3.2, L4 = 1.8, L5 = 0.7, L6= 1.36, W1= 0.2, G1 = 0.25, P = 0.45 (all dimensions are in 

millimeter), and (b) magnetic field distribution of corrugated ground plane 

3.2.2 Longitudinal Parallel Slots in Ground Plane 

In some applications like reconfigurable antenna array, AiA, etc, the ground plane is also employed 

as a monolithic DC conductor. Therefore, we extend the corrugation region to form parallel and 

closely-spaced longitudinal slots (slotted and connected ground plane) between two collinear 

antennas [Figure 3.6(a)]. These slots abate the inductivity of the ground plane hence in the air-

dielectric surface. In addition, due to the resonance length of the narrow strips and as the current 

distribution reveals in Figure 3.6(b), each strip would act as a local radiator exited by the TMz 

mode of the surface wave. Simulated scattering parameters in Figure 3.7(a) indicate this technique 

can mitigate the mutual coupling by 9 dB. In fact, proposed techniques can control excited surface 

waves and make use of them to the broadside radiation through slotted and corrugated regions as 

investigated in Figure 3.7.  
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Figure 3.6 (a) Geometry of collinear antenna array with slotted ground plane, L1 = 12.82, L2 =    
2.8, L3 = 1.8, L4 = 3.2, L5 = 1.36, W1 = 0.2, g1 = 1, p = 1.2 (all dimensions are in millimeter), and 

(b) current distribution on slotted ground plane 

 

 

Figure 3.7 (a) Simulated s-parameters for antenna array with simple uniform, corrugated, and 
slotted ground planes [according to dimensions mentioned in Figure 3.5(a) and Figure 3.6(a)], 
and (b) Simulated front and back radiations for antenna with simple uniform, disjoint without 

corrugation, corrugated edges, and slotted ground planes 
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3.3 Planar antenna array with corrugated ground plane 

To show the effectiveness of the proposed methodology in controlling of surface waves in an array 

environment, we applied the corrugated edge technique in an array of 3×3 antennas (Figure 3.8) 

and explore the mutual couplings reduction. 

 

Figure 3.8 (a) 3×3 antenna array with corrugated ground plane (b) 3×3 antenna array with simple 
ground plane 

We opt for this dimension since a larger array on a substrate with a high dielectric constant (�0r 

=10.2 and thickness of 25 mils) with including tiny corrugations takes a large processing time and 

requires large resource allocations especially in this frequency band. In addition, in an array, first-

order mutual couplings introduced by the nearest vicinities (surrounding antennas in the 3×3 

antenna array) have the most and foremost effects on the antenna performance [120-122] . 

Therefore, our proposed configuration can adequately emulate an array environment. Figure 3.8 

and Figure 3.9 show a planar arrangement of nine patch antennas with both corrugated and simple 

ground planes. Each antenna has been connected to a coaxial line and then excited by a wave port 

in HFSS. According to Figure 3.9, the inter-element spacing between the antenna elements in both 

cardinal planes are 6.5 mm corresponding to around 0.51��0 in the resonant frequency. We consider  



49 
 

 

Figure 3.9 Top view and dimensions of (a) array with a simple ground plane (b) array with a 
corrugated ground plane, both with inter-�H�O�H�P�H�Q�W���V�S�D�F�L�Q�J���R�I�����������P�P�����a������������0) 

the center antenna (antenna No. 5) as our reference, as it experiences the maximum mutual 

couplings. Figure 3.10 (a) and (b) indicates the s-parameters of both antenna arrays. As mentioned 

earlier, by assigning adequate inter-element spacing (around a half free space wavelength), near-

fields (space waves) has minor contributions to the mutual couplings. As shown in Figure 3.10(a), 

the mutual couplings in the H-plane (YoZ) corresponding to S(5,8) and S(5,2) is mainly due to 

near-field effects which are by far smaller than those of in the E-plane direction (XoZ) [S(5,6) and 

S(5,4) which are indicated by broken lines]. Since in the E-plane direction the mutual couplings 

are mainly governed by surface-waves and these guided waves propagate along the low-loss high-

�� substrate, by increasing inter-element spacings the mutual couplings in this direction experience 

negligible reductions. Note that, since the near-fields are highly evanescent, by increasing inter-

element spacings the corresponding mutual couplings should experience a tangible reduction.  
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Figure 3.10 S-parameters of (a) the array with simple ground plane and (b) the array with 
corrugated ground plane with inter-�H�O�H�P�H�Q�W���V�S�D�F�L�Q�J���R�I�����������P�P�����a������������0) 

Figure 3.10(b) shows the s-parameters of the proposed corrugated ground plane. Compared to 

Figure 3.10(a), the maximum mutual couplings have been mitigated by around 8.5 dB. While the 

peak in-band mutual couplings in the E-plane [S(5,6) and S(5,4)] are reduced by 10 dB (which is 
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consistent with the results mentioned earlier in the work) indicating the successful functionality of 

the corrugated edges in controlling of surface waves and consequently reduction of the mutual 

couplings in the array environment. On the other hand, the peak in-band mutual couplings in the 

H-plane [S(5,2) and S(5,8)] are remined unchanged while the mutual couplings corresponding to 

the center frequency in Figure 3.10(b) (corrugated ground plane) are increased by around 4 dB as 

compared to those of in Figure 3.10(a) (simple ground plane) which is mainly due to redirecting of 

the surface waves to the transverse direction (y-axis) by corrugated regions.  

To provide further investigations, we increased the spacing between antennas (in both cardinal 

planes) from 6.5 mm (~ 0.51 ��0) to 7.3 mm (~ 0.57 ��0) and the simulated s-parameters are shown 

in Figure 3.11(a) and (b). In Figure 3.11(a), the peak mutual coupling in the array with a simple 

ground plane (which is in the E-plane direction) experienced a negligible reduction from -13.54 

dB to -13.8 dB as these mutual couplings are primarily due to the surface-waves (as is expected 

and explained earlier). Interestingly, mutual couplings in the H-plane direction in the corrugated 

ground plane of Figure 3.11(b) [S(5,8) and S(5,2) indicted by the broken lines] experienced 

appreciable reductions of 5 dB as compared to those of in Figure 3.10(b)  [from -22 dB in Figure 

3.10(b)  to -27 dB in Figure 3.11(b)]. It can be explained as 1) surface waves are more attenuated 

(radiated) as they propagate longer along the corrugated regions 2) since the mutual couplings in 

the H-plane are mainly governed by evanescent space-waves (near-field), minor changes in inter-

element spacing results in tangible reduction in mutual couplings. 
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Figure 3.11 S-parameters of (a) the array with simple ground plane and (b) the array with 
corrugated ground plane with inter-�H�O�H�P�H�Q�W���V�S�D�F�L�Q�J���R�I�����������P�P�����a��������������0) 
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3.4 Fabrication and measurements 

To validate the analysis and the theoretical results, we fabricated three experimental prototypes 

including antenna arrays with the uniform (as our reference), corrugated edges, and the slotted 

ground planes on RT/Duroid 6010 with thickness of 25 mils, as shown in Figure 3.12 (a) and (b). 

To control the surface waves, we added another layer of RT/Duroid 5880 substrate with low 

relative permittivity of 2.2 and thickness of 20 mils and extended it to install the end-launch 

connectors. Microstrip lines in the bottom layer (RT/Duroid 5880) were connected to the patch 

antennas on the top layer through metallic pins with diameter of 15 mils. 

 

Figure 3.12 (a) Top and (b) bottom view of substrates and an assembled prototype equipped with 
two End-launch connectors (inset) and (c) comparison between measured S-parameters 

Experimental results in Figure 3.12(c) show a reduction of 8 dB and 11 dB in mutual coupling in 

the antennas with the slotted and corrugated ground planes, respectively. Figure 3.13 displays the 

normalized radiation patterns for the three fabricated antennas. Compared to the antenna with a 

uniform ground plane, both the corrugated edges and slotted ground planes show significant 

improvements in broadside radiation by 4 dBi since the radiation pattern in a simple uniform 

ground plane has a maximum at -75°. Furthermore, the antenna with uniform ground plane shows 

a null at -30° which is diminished in the slotted antenna and almost disappears in the corrugated 

ground planes. This null is formed by the diffraction of the guided surface waves from the truncated 

edges of the ground plane and its destructive interactions with the radiated space waves at a specific 

angle. 
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Figure 3.13  Measured normalized E-plane radiation patterns of three prototypes 

3.5 Conclusion 

We proposed a compact, and easy-to-realize technique for controlling surface-waves in a grounded 

dielectric of large relative permittivity. In this research, we investigated the effect of alteration 

surface impedance by removing the ground plane between two antennas and disrupting the 

propagation of surface-waves. This methodology, related to an example based on two 25 GHz 

patch antennas, alleviates mutual coupling by around 9 dB and improves broadside gain by 4 dBi. 

The presented technique outperforms other methodologies in terms of the combined advantages of 

small footprint, low profile, and concurrent appreciable improvement in both mutual coupling and 

radiation pattern. Considering all the above-mentioned advantages on a high-�� substrate, we 

believe it can be easily applied to the design scenarios of an integrated antenna array. 
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In this chapter we investigate and present a very low-profile, high-efficiency, and high-gain 2D 

leaky-wave antenna (2DLWA) implemented on a high permittivity substrate operating in the 

millimeter-wave range, paving the way for the seamless integration of a high-gain and high-

efficiency antenna with a frontend. In contrast to the typical air-filled 2DLWA, where a 

perturbation of the first higher-order mode (TE1/TM1) results in highly directed broadside 

radiation, in the proposed antenna, the propagation and leakage of a quasi-TEM (Q-TEM) mode 

results in an extremely low-profile (0.065��0), high-gain (~15 dBi) antenna. In this scenario, the 

transverse resonance condition for a Q-TEM mode is established by employing a capacitive 

partially reflective surface (PRS) in a thin substrate with a relative permittivity of 10.2. The 

proposed periodic 2DLWA, unlike the conventional uniform/quasi-uniform air-filled counterparts, 

radiates based on the �J 
L 
F
Ú space harmonic operation. Due to a strong mutual interaction 

between the PRS and ground plane, conventional design and analysis approaches are no longer 

relevant in this low-profile architecture. Instead, we employ the Floquet modal expansion theory 

to create an equivalent circuit model (ECM) for the PRS that takes into account the contributions 

and mutual interactions of the Floquet harmonics as well as the ground plane effect. By employing 

reflecting boundaries realized with edge truncation (air trenches) in a high permittivity substrate, 

we show that the aperture efficiency is enhanced by 15% as compared to conventional counterpart. 

4.1 Introduction  

The seamless integration of an antenna with a front-end is of significant importance in the 

realization of high-efficient and low foot-print transceivers in millimeter wave (mmW) and 

terahertz (THz) analog Radio-over-Fiber (ARoF) systems. In upcoming ARoF systems, electro-

optic modulator (EoM) and photodiode (PD) in an optoelectronic transceiver are basically 
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implemented on a high permittivity material (e.g., SiGe, GaAs, InP, etc.) with eventual 

heterogenous structured layers which introduces fundamental hurdles in the design and integration 

of antennas with a frontend. Fig. 1 describes a generalized block diagram for cutting-edge ARoF 

frontends [opto-electronic integrated circuits (OEICs)], in which electrical mmW/THz signal is 

generated by an efficient beating of two high-quality optical signals coming out of quantum dot 

lasers (QDL) and, mixed in a PD [123, 124],[9].  The use of a power amplifier generally introduces 

non-linear behavior and loss into transceiver, inevitably increasing power consumption and 

complexity. Therefore, it is removed from the ARoF frontends, as shown in Figure 4.1. Laser 

diodes, on the other hand, are set to operate at relatively low power; therefore, it is anticipated that 

adopting a high-gain and high-efficiency antenna becomes critical in this design to meet the desired 

link budget in a mmW/THz ARoF wireless link [124],[125]. 

 

Figure 4.1 General block diagram of an ARoF system 

A highly original integrated circuit-antenna approach studied and demonstrated in [89] can improve 

the performance and efficiency of an OEIC frontend by eliminating parasitic effects and extra 

losses caused by bond wires and matching networks. Furthermore, this technique requires less real 

estate in an on-chip transceiver. Therefore, as the next step towards creating an efficient frontend, 

achieving a low footprint, high-gain (high aperture efficiency), and low-profile antenna on a high 

permittivity substrate becomes crucial. As a result, the work reported here is focused on developing 

a low-profile, compact, high-gain, and high-efficiency antenna on a high permittivity substrate to 

fulfil the criteria of an OEIC-based frontend in a ARoF system. A common approach to realizing a 

high-gain antenna is to create a massive planar antenna array. However, implementing such a 
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massive antenna array at mmW and THz frequencies on a high permittivity substrate is deemed to 

create several significant problems, making it extremely difficult in practice.  High confinement of 

electromagnetic (EM) fields in a substrate, which is set to reduce antenna efficiency and to generate 

slab or surface waves, tightly coupling of antennas through excited surface waves, and excessive 

radiation loss in feeding lines, etc., are some of the headache issues that severely degrade antenna 

performances. Some strategies for achieving a high-gain and high-efficiency antenna array by 

suppressing surface waves and mutual couplings have been developed [94-96].  Although these 

approaches are still practical, they have the potential to increase system complexity and cost, as 

well as to make antenna integration cumbersome and complex. 

Another intriguing option, namely the 2D leaky-wave antenna (2DLWA) (also known as the Fabry-

Perot Cavity antenna (FPCA), EBG resonator, and resonant cavity antennas) has been extensively 

explored in recent years [125],[29, 30, 57, 126-144] [31, 145-147]  [57, 148-175] . This high-gain 

antenna can generate a pencil beam using a simple structure which makes it a promising alternative 

for the conventional planar antenna array in mmW and THz frequencies. Basically, its radiation 

mechanism is based on the propagation and leakage of the TE1/TM1 waves in a cavity realized by 

a ground plane and a capacitive/inductive PRS or multi-layer superstrate. This cavity can be 

efficiently activated by a single slot (in mmW and microwave) or multiples slots etched on the 

ground plane (at 60 GHz) or a dipole antenna (for X-band) aligned in the middle of the cavity, 

respectively, where magnetic and electric fields are maximum. Although this antenna exhibits some 

advantages over the other types of high-gain antennas, it typically suffers from two fundamental 

issues: 1) high-profile structure due to the use of TE1/TM1 modes which requires a large separation 

between the ground plane and PRS (cavity height) to satisfy the transverse resonance condition, 

which is a limiting factor in integrated circuits (ICs) design; and 2) typically low aperture efficiency 

which makes the antenna bulky and large. 

Typically, the cavity height in a 2DLWA without the PRS loading effects is estimated as a half-

wavelength���D
L �r�ä�w���ã�4 �¾�Ý�å�¤  [30]. Considering the susceptance of the PRS, however, this height is 

evaluated as �D
L �:�r�ä�w�ã�4 �¾�Ý�å�¤ �;�:�s
E�¾�Ý�å �è�$
$�¤ �; [30] (where���$
$ is the normalized susceptance of the 

PRS to the air admittance). As is evident for a capacitive PRS (�$��
P ���r), the required height will 

be larger than a half wavelength while for an inductive PRS (�$��
O���r) with a large susceptance (a 

high gain antenna is realized by a large value of �$
$ [29, 30]), the cavity height approaches a half 

wavelength. Note that the typical and practical value of �$
$  is estimated with �$
$
L
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G
¥�:�:�s
E�¾�Ý�å�;�6�����É�Ë�Ì���6 
F �:�s
F �¾�Ý�å�;�6�; �:�s
F �����É�Ë�Ì���6�;�¤ ��, where �����É�Ë�Ì�� is the magnitude of the PRS 

reflection coefficient [145].  Basically, a high-gain antenna requires �����É�Ë�Ì�� 
P 0.9, which results in 

�$
$
P
E�y��[138, 145]. Therefore, the cavity height in a conventional 2DLWA using a substrate with 

�Ý�å 
L �s�r�ä�t with a capacitive PRS is evaluated as �D
P�r�ä�s�z�ã�4. 

In this work, we show that by employing a low-profile capacitive PRS, whose susceptance is in a 

specific range (according to the developed equations and graphs in section 4.2), on a substrate of a 

large relative permittivity, a Q-TEM mode can be excited which results in a very low-profile and 

high-gain 2DLWA. Full-wave simulations in section 4.3 are set to validate the results obtained by 

the theory presented in section 4.2. Generally, in this low-profile 2DLWA, the ground plane has a 

strong mutual interaction with a metallic PRS; therefore, conventional design and analysis 

methodology based on the evaluation of the reflection coefficient of a suspended PRS (in which 

the ground plane is removed in a unit-cell and two ports are assigned at the top and bottom) cannot 

be applied. To address this issue, we developed a hybrid methodology based on the modal 

expansion of Floquet harmonics and full-wave analysis to evaluate the equivalent circuit model 

(ECM). In this methodology, the mutual coupling between the PRS and ground plane as well as 

mutual interactions between Floquet harmonics are considered. Full-wave simulations and 

analytical model of the radiation pattern in section 4.3 verify the accuracy of the proposed ECM. 

Looking at the literature, the aperture efficiency in these antennas was reported as 18~32%[125] , 

and 10~20%  [153] with an inductive PRS, up to 65% with a capacitive PRS ��[138, 145] and up to 

86% by a multilayer transverse permittivity gradient PRS [175].  Although the latter type can 

provide a larger aperture efficiency, in this paper we focus on a low profile metallic PRS which 

can be used without airgap for OEIC application. 

To address this issue, we show that the truncation of a PRS printed on a substrate with a large 

relative permittivity creates a reflecting boundary. An analytical model of the radiation pattern is 

�H�P�S�O�R�\�H�G���� �L�Q�� �Z�K�L�F�K�� �H�I�I�H�F�W�V�� �R�I�� �E�R�X�Q�G�D�U�L�H�V�¶�� �U�H�I�O�H�F�W�L�R�Q�V�� �D�U�H�� �L�Q�F�R�U�S�R�U�D�W�H�G���� �W�R�� �V�K�R�Z�� �W�K�H�� �V�L�J�Q�L�I�L�F�D�Q�W��

contributions of edge reflections to aperture efficiency. The analytical model is then validated by 

full -wave simulation results in section 4.3���� �7�R�W�D�O�� �E�R�X�Q�G�D�U�L�H�V�¶�� �U�H�I�O�H�F�W�L�R�Q�V�� �F�D�Q�� �E�H�� �F�R�Q�W�U�R�O�O�H�G�� �E�\�� �D��

proper choice of antenna dimensions (studied by parametric analysis). Parametric analysis shows 

that these reflecting boundaries can improve the aperture efficiency up to 15% as compared to a 

conventional air-filled counterpart. The rest of the chapter is organized as follows. In section 4.2, 
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we discuss the fundamental theory of the capacitive PRS on a substrate with large relative 

permittivity. We also discuss the development of an ECM based on the EM full-wave simulator 

and Floquet modal expansion theory. In section 4.3, an 2DLWA is designed on Rogers RT/Duriod 

6010 based on the developed theory presented in section 4.2, and then dispersion diagrams are 

calculated. Having used the dispersion curves, we present a leaky-wave analysis for the antennas 

in this section. To select the proper design parameters, a parametric analysis is presented. In section 

4.4, an air-filled 2DLWA is designed, and its aperture efficiency is compared with that of in the 

proposed antenna. Finally, simulated, and measured results are presented and discussed. 

4.2 Theory and background 

4.2.1 Capacitive PRS on a high-permittivity substrate  

A metallic parallel-plate waveguide (PPW) filled with a dielectric with large relative permittivity 

can be considered as a closed waveguide realized by PMC-like lateral walls in which the 

fundamental propagating mode (TEM mode) is a slow wave. As Error! Reference source not f

ound. illustrates, the reflection coefficient of the lateral walls for �Ý�å 
R�s�r�ä�t��is larger than 0.5 

implying that at least half the power is reflected from the lateral boundaries. To satisfy the single-

mode propagation conditions of the fundamental mode, higher-order modes including TE1/TM1 

modes should be in the cut-off frequency range.  

 

Figure 4.2 Normalized height and reflection coefficient of lateral walls in a dielelctic-embeded 
parallel plate waveguide operating in the fundamental mode (TEM) with respect to the relative 

permittivity of substrate 
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Therefore, the propagation constant of �Ú
L 
¥�Ý�å�G�4
�6 
F �:�è �D�¤ �;�6 should be imaginary, which 

corresponds to �r 
O�¾�Ý�å�D �ã�4 
O�r�ä�w�¤  and the hatched region in Error! Reference source not f

ound.. This area describes a region where only a TEM mode propagates in a closed PPW with 

PMC-like lateral walls. In this case, by introducing periodic perturbations in the top plate (i.e., 

PRS), a 2DLWA is realized in which the propagation and leakage of a quasi-TEM(Q-TEM) wave 

result in a high gain antenna.  

The periodicity and types of perturbations, determine the susceptance of the PRS. To evaluate 

susceptance of the PRS, a well-known transverse equivalent network (TEN) is employed as shown 

in Figure 4.3. In this case, a transverse resonance (TR) condition  �E�I�=�C
k�;�è�ã
E�;�×�â�ê�á
o
L �r [157] 

is satisfied when ���$�ß
L �…�‘�–�ƒ�•���:�¾�Ý�å���t�è�D �ã�4�¤ �;, where B is the susceptance of the PRS;���ß is wave 

impedance in the dielectric; h is cavity height; and �ã�4 is free-space wavelength. For a capacitive 

PRS (�$��
P ���r) the argument of the cotan function should either be in the first or third quadrant. 

Considering the single-mode propagation condition in a PPW as �r 
O�¾�Ý�å�D �ã�4 
O�r�ä�w�¤   and 

practical realization of a 2DLWA with a capacitive PRS, a TR condition for Q-TEM mode could 

be held when the capacitive PRS and PPW simultaneously satisfy (4.1) and (4.2). It should be noted 

that, in an inductive PRS with �$��
O���r, the argument of a cotan function in the TR equation should 

be either in the second or fourth quadrant resulting in a higher profile 2DLWA compared to that of 

with a capacitive PRS. 

�r�ä�s
O
¥�Ý�å
�D
�ã�4


O�r�ä�t�w�� �:�v�ä�s�; 

�r 
O�$�ß
O�s�� �:�v�ä�t�; 

 

Having considered (4.1) and (4.2), we can develop a set of design curves for different values of���$�ß 

,which can be employed for antenna design, as presented here in Figure 4.4.  As is well-known in 

the 2DLWA theory, large values of normalized PRS susceptance (�$
$) result in a high-gain antenna 

[29], [30]. According to (4.2) one can readily find that �$�ß�4 
L �$
$
O�¾�Ý�å ; therefore, a dielectric-

filled cavity with a large dielectric constant not only results in a low-profile but also a high gain 

antenna can be realized. 
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Figure 4.3 TEN model of a single layer 2DLWA 

 

Figure 4.4  Relative permittivity with respect to normalized height in a 2DLWA for different 
values of PRS susceptance 

4.2.2 Equivalent Circuit M odel (ECM) of PRS 

The standard design technique for a uniform/quasi-uniform PRS is based on evaluating the 

reflection coefficient of a suspended PRS in a unit-cell with PEC and PMC boundary 

conditions[125] , [29]. However, due to the use of a high permittivity and also a relatively thin 

substrate in the proposed antenna, the ground plane should be included in the simulated model to 

incorporate the mutual interaction between the metallic PRS and the ground plane appropriately. 

A typical analytical design technique based on the Bloch analysis, which ignores the mutual 

interaction between space harmonics, is thought to provide erroneous findings, particularly in the 

case of a high permittivity substrate and mmW regime. However, in this part, we intend to develop 

a hybrid design process based on full-wave simulation (HFSS) and the development of an ECM 
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using the Floquet modal expansion theory. Figure 4.5(a) depicts the proposed ECM developed for 

a typical unit-cell, which include a PRS over the grounded dielectric with periodic boundary 

conditions [Figure 4.5(b)] [171] , [172]. In this model, according to the Floquet modal expansion 

theory,���<�Ü�á�á�4�4
�Í�¾  is the input impedance of the unit-cell for TE00 mode (fundamental Floquet harmonic 

for TE mode) which is evaluated with the HFSS at the air-PRS interface in the unit-cell, as 

exemplified in Figure 4.5(b) and described analytically in (4.3). It is worth mentioning that 

employing either TE00 or TM00 mode as incident waves in a normal direction leads to identical 

results. 

 

Figure 4.5 (a) Equivalent circuit model of a PRS with Floquet modal expansion (b) with a 
corresponding typical unit-cell and its equivalent TL model 

 

(4.3) 

 
 

In (4.3), �U�à�á
�Í�¾ and �U�à�á

�Í�Æ  are the modal admittance seen by �6�'�à�á and �6�/�à�á modes, respectively, at 

the air�±dielectric boundary; �6�à�á  is the transformer turn ratio (TTR); and �F�$�4�4
�Í�¾ is input modal 

admittance of the grounded dielectric slab. These parameters were entirely described in [171] , 

[172] , and therefore for the sake of brevity, we will not elaborate on them in this paper. It should 

be noted that,���6�4�4
�Í�Æin Figure 4.5(a) indicates mode conversion. The only unknown parameters in 
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(4.3) are �6�à�á
�Í�Æ and �6�à�á

�Í�¾ (TTRs). Analytical equations based on the Fourier transformation of surface 

currents are developed in [171] , [172] to evaluate TTRs at low frequency and on a dielectric with 

low relative permittivity. Notably, the latter generally cannot be applied in a dielectric with large 

relative permittivity in mmW ranges. Therefore, we aim at calculating  �6�à�á
�Í�Æ and �6�à�á

�Í�¾  over 

frequency band of interest through a full-wave simulation conducted by the HFSS.  By rearranging 

(4.3), one can readily find (4.4). 

 
(4.4)  

 (4.5)  

 (4.6)  

The matrix representation of (4.4) is shown in (4.5) which is suitable for numerical programing. 

To evaluate the K matrix as mentioned in (4.5) and (4.4), we calculate �<�Ü�á�á�4�4
�Í�¾  and �$�4�4

�Í�¾ by HFSS and 

analytical equations mentioned in [171] , [172] , respectively at each frequency point. Notably for 

the benefit of simplicity in our calculations, we considered �6�4�4
�Í�¾
L �s in this model. Equation (4.5) 

can be considered as a 3D matrix with N pages corresponding to N frequency points, where a total 

of 2N Floquet harmonics (corresponding to mn pairs) are applied for both TM and TE modes. Note 

that, considering only a few Floquet harmonics leads to an accurate result [167] , [170]. Finally, 

the TTR matrix representing the contribution of each Floquet harmonic in the ECM is obtained 
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using (4.6) in the desired frequency range.  Having evaluated the TTR matrix, one can readily 

calculate the circuit parameters of the PRS corresponding to the input impedance/admittance seen 

from the AB terminal in Figure 4.6 and as described by (4.7). Note that the Floquet harmonics 

correspond to TE00 and TM00 have been removed in this ECM, since these radiative modes generate 

real-value impedances in the ECM which do not contribute to the susceptance of the PRS. In the 

next section, we will apply this methodology for evaluating the ECM of a capacitive PRS. 

 

Figure 4.6  ECM for evaluation of PRS susceptance 

 
(4.7) 

 

4.3 Antenna design and analysis 

In this section, we aim at designing two 2DLWAs realized by a typical capacitive PRS in which a 

Q-TEM wave is responsible for generating high directive broadside beams. Following that, a 

leakywave analysis is presented to confirm the propagation of Q-TEM mode and findings in section 

4.2. To investigate the effects of edge reflections on aperture efficiency, an analytical model is 

provided and validated using HFSS. To begin with, we consider two different possible scenarios 

for PRS with �S���L
L �r�ä�y�w  and �S���L
L �r�ä�{, corresponding to periodicity �L��
L ���w�ä�y�I�I   and �L��
L
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���v�ä�z���I�I , respectively, on Rogers RT/duroid 6010 with �Ý�å 
L �s�r�ä�t  and �P�=�J�Ü��
L ���r�ä�r�r�t�u at 26 GHz, 

as exemplified in Figure 4.7. Generally, periodicity is chosen so that the antenna operates in a no 

grating lobe regime at the resonant frequency (a half free space wavelength) [170]. Although this 

methodology can be extended to a broad range of capacitive PRS (e.g., dogbone [173]), we utilize 

square patches on a grounded dielectric slab as a proof of concept. A capacitive PRS is commonly 

achieved by a periodical repetition of metallic patches [30]. The PRS has been extended up to only 

a few unit-cells (three unitcells in this design) to ensure that some non-radiated EM power remain 

at the truncated edges to be reflected, as this technique enhances the aperture efficiency of the 

2DLWA. This is scrutinized by analytical equation and parametric analysis in this section. Now, 

we use the analytical set of equations developed in section 4.2(A) as the starting point for design, 

then a full-wave analysis by HFSS is employed to optimize and validate the results. 

According to (4.1), the normalized cavity height for exciting a Q-TEM mode in a 2DLWA with a 

capacitive PRS on a dielectric with �Ý�å 
L �s�r�ä�t is evaluated as �D �ã�4 
O�r�ä�r�y�z�¤ .This limit can be found 

readily in Error! Reference source not found. at the intersection point of two labeled broken lines c

orresponding to �Ý�å 
L �s�r�ä�t�����ƒ�•�†�� �D �ã�4 
O�r�ä�t�w �¾�Ý�å�¤�¤ . Considering this range along with �Ý�å 
L

�s�r�ä�t����in Figure 4.4, the optimal normalized susceptance for the PRS is found to be �r�ä�u
O�$�ß
O

�s��(�� is the wave impedance in dielectric) corresponding to �t�ä�w�v���•�� 
O�$ 
O�z�ä�v�y���•�� . Starting with a 

substrate thickness within the range of  �D �ã�4 
O�r�ä�r�y�z�¤  as the initial value, we optimize the substrate 

thickness for both antennas with �S���L
L �r�ä�{ and �S���L
L �r�ä�y�w using HFSS at 26 GHz to obtain the 

maximum directivity at the broadside as shown in Figure 4.8. 

It is worthwhile stressing that, the maximum normalized substrate thickness is limited to around 

�D �ã�4 
N�r�ä�r�y�z�¤  preventing the antenna from propagating higher-order modes, which should be 

considered in the optimization procedure. The calculated optimum thickness is evaluated around h 

= 0.754 mm corresponding to �D �ã�4 
L �r�ä�r�x�w�¤  at 26 GHz for both antennas. Evaluated broadside 

directivities of the antennas are 15.74 and 12.17 dBi corresponding to �S���L
L �r�ä�{ and �S���L
L �r�ä�y�w, 

respectively. Further analyses and validations of propagating mode are accomplished by a leaky 

wave analysis presented in the next subsection. 
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Figure 4.7  Proposed 2DLWA with dimensions of P = 4.8 mm (�S���L
L �r�ä�{) and P = 5.7 mm  
(�S���L
L �r�ä�y�w), w = 4.3 mm, L = 19.7 mm 

 

Figure 4.8  Simulated directivities (with linear scales) of the proposed antennas corresponding to 
�S���L
L �r�ä�{ and �S���L
L �r�ä�y�w 

4.3.1 Leaky-wave analysis of antenna 

Leaky wave analysis is presented in this subsection to evaluate the obtained results and validate 

the proposed theory. Moreover, this analysis offers a physical insight into the antenna operation. 

To this end, the susceptance of PRSs were evaluated by the proposed ECM for both �S���L
L �r�ä�y�w 

and �S���L
L �r�ä�{ and the results are presented in Figure 4.9. In the model, we consider a total number 

of 30 Floquet harmonics for both TM and TE modes. According to the proposed analytical 

evaluations in section 4.2 along with prior subsection, the optimum susceptance of PRS at 26 GHz 

should be in the range of���t�ä�w�v���•�� 
O�$ 
O�z�ä�v�y�I�5�ä As shown in Figure 4.9, the susceptance of the 

PRS with �S���L
L �r�ä�{ is �$ 
N�z�ä�s�I�5 which is in the optimum range while this is not the case for 



67 
 

�S���L
L �r�ä�y�w with �$ 
N�s�ä�w�•��. Therefore, one can infer that �S���L
L �r�ä�{ results in an optimum 

design satisfying the TR condition.  

 

Figure 4.9  Evaluated PRS susceptance of the proposed antenna by ECM for two values of �S���L
L
�r�ä�{ and �S���L
L �r�ä�y�w (�;�É�Ë�Ì
L �F�$�É�Ë�Ì) 

This antenna (�S���L
L �r�ä�{) also presents a higher directivity by a full-wave simulation (HFSS) 

compared to that of �S���L
L �r�ä�y�w, as shown in Figure 4.8.  To evaluate phase and attenuation 

constant, the TR technique is applied to the TEN model shown in Figure 4.3, for both antennas 

according to (4.8).  

 (4.8)  

where, Y0 is air admittance, B is susceptance of PRS; h is cavity height; �G�í 
L 
¥�Ý�å�G�4
�6 
F �:�Ú
F�F�Ù�;�6 

is propagation constant in normal direction (z-axis in Figure 4.3), and k0 is free space wavenumber. 

Dispersion curves (for �J��
L��
F�s space harmonic) along with realized gains (evaluated by HFSS) 

for both antennas are shown in Figure 4.10. At 26 GHz, the antenna with �S���L
L �r�ä�{ shows a 

smaller attenuation constant and a larger realized gain (�s�v�ä�{���@�$�E) by �t�ä�{���@�$�E as compared to the 

antenna with �S���L
L �r�ä�y�w with realized gain of �s�t�@�$�E. Therefore, we select an antenna with 

�S���L
L �r�ä�{ in the rest of this paper as the optimum design.  Note that in Figure 4.10 peak gain for 

�S���L
L �r�ä�{ occurs at the frequency corresponding to �Ú��
P���Ù which is due to edge reflections [145] 
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[163-165] while in �S���L
L �r�ä�y�w  peak gain is very close to the �Ú��
L ���Ù condition, as this antenna 

has a larger attenuation constant consequently; edge reflections are diminished.  

 

Figure 4.10 Evaluated dispersion curves by (8) along with realized gain calculated by HFSS for 
both values of �S���L
L �r�ä�{ and �S���L
L �r�ä�y�w 

To provide a further investigation about the propagation and radiation of a Q-TEM in the cavity, 

Figure 4.11 compares evaluated dispersion curves of the antennas with those of the fundamental 

mode of a PPW (TEM mode) and TM0 mode of surface waves in a grounded dielectric slab (GDS) 

for both �J��
L��
F�s���á�ƒ�•�†���J 
L �r of space harmonics. Notably in the fast wave region (FWR), the 

�D�Q�W�H�Q�Q�D�V�¶���G�L�V�S�H�U�V�L�R�Q���G�L�D�J�U�D�P�V���F�D�Q���E�H���H�V�W�L�P�D�W�H�G���D�V���D���Z�H�D�N���S�H�U�W�X�U�E�D�W�L�R�Q���R�I���W�K�H���7�(�0���P�R�G�H���R�I���D���3�3�:��

around 26 GHz (corresponding space harmonics are quite similar around 26 GHz).  

As perturbations (corresponding to the attenuation constants shown in Figure 4.10) are diminished 

with frequency, the dispersion curves of antennas approach more TEM mode curves. 

Consequently, in both antennas, radiations are due to the �J��
L��
F�s space harmonics of a Q-TEM, 

as these space harmonics are in the FWR around 26 GHz. Surface waves, however, do not 

contribute to the radiations as their dispersion curves are quite divergent from those of the antenna 

in the FWR around 26 GHz. To validate the ECM, Figure 4.12compares the input susceptance of 

the unit-cell obtained by a full-wave simulation [�$�Ü�á
�Í�¾ 
L �E�I�=�C�:�s���<�Ü�á

�Í�¾�; in the unit cell in Figure 4.5(b)], 

with that calculated in (4.9) according to its equivalent TL model [c.f. Figure 4.5(b)]: 
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Figure 4.11 Evaluated dispersion curves (Brillouin diagram) of fundamental modes (�J 
L �r) and 
�J 
L 
F�s space harmonics of the proposed antennas for two values of (a) �S���L
L �r�ä�{ and (b) 

�S���L
L �r�ä�y�w, along with dispersion curves of fundamental modes (�J 
L �r) and �J 
L 
F�s space 
harmonics of both TEM mode of a PPW and TM0 mode of the surface wave in a GDS 

�$�Ü�á
�Í�¾
L �E�I�=�C�:�;�É�Ë�Ì

�Í�¾ 
F �F�;�Í�¾�?�K�P���:�G�í�D�;�; (4.9) 

where, �;�É�Ë�Ì
�Í�¾ 
L �F�$�É�Ë�Ì

�Í�¾  is PRS admittance evaluated by ECM in Figure 4.9, �; �Í�¾ 
L �G�í �ñ�ä�4�¤ , �G�í 
L


¥�Ý�å�G�4
�6 
F �:�Ú
F�F�Ù�;�6 in which �Ú and �Ù are transverse phase and attenuation constants, respectively 

according to Figure 4.10, h is the substrate thickness. Note that, radiation, ohmic and substrate 

losses in a unit cell are negligible; therefore, the input admittance (�;�Ü�á
�Í�¾) of a unit-cell is primarily 

dictated by its susceptance part (�$�Ü�á
�Í�¾). A good agreement between HFSS, and TL model results 

verifies accuracy of the evaluated ECM, and transverse propagation constant. 
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Figure 4.12 A Comparison between input susceptance of the unit cell in Figure 4.5(b) obtained 
by a full-wave simulation (HFSS) and TL model for both �S���L
L �r�ä�y�w and �S���L
L �r�ä�{ 

4.3.2 Analytical model for antenna 

The far-field radiation pattern of an infinitely-extended 2DLWA was accurately modeled by either 

the Fourier transformation of aperture field or reciprocity term along with transmission line model 

[30],[29],[162]. An analytical equation was developed in[145],[163, 164] for a finite but large 

2DLWA in which the effects of truncated edges were considered in a far-field radiation pattern. In 

[165], edge reflections are also considered in a 1D uniform LWA with a small linear aperture to 

describe the far-field radiation pattern which forms the basis of our model in this work. In the 

proposed periodic 2DLWA, radiation occurs at discrete points corresponding to the air gap between 

patches. Therefore, a discrete form of the equation is employed to describe aperture field 

distribution (fap) and far-field radiation (corresponding to discrete form of the Fourier 

transformation) of the antenna according to (4.10) and (4.11), respectively. In these equations, np 

denotes the unit-�F�H�O�O�V���S�R�V�L�W�L�R�Q���L�Q���Z�K�L�F�K���³p�´���L�V���S�H�U�L�R�G�L�F�L�W�\���D�Q�G��n a variable; N is total numbers of 

complete unit-cells; �’ 
N�:�¾�Ý�å 
F �s�; �:�¾�Ý�å 
E�s�;�¤  is reflection coefficient of a TEM/Q-TEM wave at 

the boundaries; �G�Å�Ð
L �Ú
F�F�Ù; �G�4 is free space wavenumber; and �. 
L ���0��
H���L represents total 

antenna length. Figure 4.13 compares the normalized patterns calculated by (4.11) and HFSS at 

three different frequencies. A good agreement (frequency deviation < 1%) is observed between the 

analytical model and the full-wave simulation signifying dominant contributions of the leaky-

waves in far-field radiation, although the slot etched on the ground plane may have some minor 
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contributions in the radiation pattern. Moreover, it implicitly verifies the accuracy of the evaluated 

ECM and dispersion curves. 

 (4.10)  

 (4.11) 

 

 

Figure 4.13 Comparison between normalized radiation patterns evaluated by the analytical model 
and HFSS for the proposed 2DLWA with �S���L
L �r�ä�{ at three simulation frequencies of a) 26GHz 

(model: 25.9 GHz), b) 26.5GHz (model: 26.35GHz), and c) 27 GHz (model : 26.9GHz) 

The second term in (4.10) indicates the contribution of the edge reflection coefficient in broadside 

directivity and aperture efficiency according to �Ý�Ô�ã
L �& �v�è�:�. �ã�4�¤ �;�6�¤ , where D is antenna 

directivity at broadside; L is antenna length; and �ã�4 is free space wavelength. Aperture efficiency 

is evaluated using (4.10) and (4.11) with �. 
L �t�r�I�I  , �L��
L ���v�ä�z���I�I , and three typical normalized 

leaky-wave propagation constants of �G�Å�Ð

$
$
$
$
$
L �Ú�§
F�F�Ù
$
L ���r�ä�s
F �F�r�ä�t���á�r�ä�t 
F �F�r�ä�t���á�ƒ�•�†�����r�ä�u
F

�F�r�ä�t����with respect to magnitude and phase of the edge reflection coefficient as shown in Figure 

4.14. �2�E�Y�L�R�X�V�O�\�����W�K�H���D�S�H�U�W�X�U�H���H�I�I�L�F�L�H�Q�F�\���L�V���D���I�X�Q�F�W�L�R�Q���R�I���W�K�H���H�G�J�H�¶�V���U�H�I�O�H�F�W�L�R�Q�V���D�Q�G���F�D�Q���E�H���L�P�S�U�R�Y�H�G��

by choosing a proper boundary condition. As an example, for ���G�Å�Ð

$
$
$
$
$
L ���r�ä�s
F �F�r�ä�t, if �� 
L �r (no 

edge reflections or absorbing boundaries) the aperture efficiency is around 30% ~ 40% and can be 

improved up to 90% by employing a reflecting boundary with �� 
N�Œ. Therefore, in a 2DLWA by 
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choosing the proper antenna length (which can control the edge contribution), the aperture 

efficiency can be enhanced as investigated in the next subsection. 

 

Figure 4.14  Contour map of aperture efficiency with different values of edge reflection 
coefficient for three typical normalized leakywave poles of �G�Å�Ð


$
$
$
$
$
L �Ú�§
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4.3.3 Parametric analysis of proposed 2DLWA 

Figure 4.15(a) describes the antenna performances with respect to different lengths normalized to 

free space wavelength at 26 GHz. Note that in this analysis the substrate height is fixed at 0.754 

mm, as calculated in Section 4.3. We define a figure of merit (FoM) as the ratio of broadside 

directivity over peak directivity to describe beam splitting conditions. According to this definition, 

the FoM equal to one corresponds to peak directivity at the broadside and antenna presents a single 

broadside beam. In the case of a gain-loss at the broadside, the FoM is smaller than one. A complete 

beam splitting condition, manifested as a large gain loss at broadside, is defined as FoM 
O���r�ä�w in 

which directivity (realized by a power pattern calculated by HFSS) at the broadside is diminished 

by 3 dBi. As shown in Figure 4.15(a), the aperture efficiency has two peaks around �.���ã�4= 0.8 and 

�.���ã�4 = 1.7 without gain loss at the broadside as indicated by �(�K�/ 
L �s. Then at �.���ã�4 > 2.4, the 

antenna experiences a beam splitting condition. Since the aperture size at �.���ã�4= 0.8 is much 

smaller than that at �.���ã�4 = 1.7, likewise, the corresponding directivity and realized gain are much 

lesser than those of at �.���ã�4= 1.7. In the case of  �.���ã�4= 0.8, due to a small aperture size, radiation 

from the slot in ground plane dominates the leaky-wave radiation as the antenna has a substantially 

lower realized gain than �.���ã�4= 1.7. The optimum length for the antenna is then selected at       

�.���ã�4= 1.7 corresponding to three complete unit-cells at 26 GHz. 
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Figure 4.15 Parametric analysis of the proposed 2DLWA for various values of (a) normalized 
cavity length and (b) normalized cavity height at 26GHz     

At this length, the aperture efficiency of the antenna is 79%.Further investigation reveals that the 

field is attenuated at the edges by a factor of �' �:�. �t�¤ �; �' �4 
N�‡�š�’���:
F�Ù�. �t�¤ �;�¤  where E0 is the field 

�L�Q�W�H�Q�V�L�W�\���D�W���W�K�H���D�Q�W�H�Q�Q�D�¶�V���F�H�Q�W�H�U���D�Q�G���³�/�´ equals antenna length in a uniform/Q-uniform LWA [29]. 

Since in the proposed periodic 2DLWA radiation occurs at discrete points, in this equation �. 
L

�0 
H�L, where N is a total number of complete unit-cells; �L��
L ���v�ä�z�I�I  is periodicity; and �. = 60.1 

Np/m (Figure 4.10 at 26 GHz for �S���L
L �r�ä�{) is the attenuation constant. In this antenna at the 

operating frequency, the field ratio is 0.65 which corresponds to a 0.42 power ratio. This signifies 

edge contribu�W�L�R�Q�V���L�Q���D�Q�W�H�Q�Q�D���V�L�Q�F�H�����������R�I���W�K�H���S�R�Z�H�U���D�W���D�Q�W�H�Q�Q�D�¶�V���F�H�Q�W�H�U���U�H�D�F�K�H�V���W�K�H���H�G�J�H�����7�K�H��

parametric study of the antenna height (with a fixed substrate length of �.���ã�4 = 1.7) at 26 GHz, in 

Figure 4.15(b), indicates that the optimum cavity height is around �D��
N���r�ä�r�x�w�ã�4 which suggests a 

very low-profile antenna and verifies findings in section 4.3. As discussed in the introduction, a 

typical cavity height in a conventional substrate-filled 2DLWA [operates based on first higher 

order mode (TE1/TM1)] with �Ý�å 
L �s�r�ä�t is around �D��
L ���r�ä�s�z�ã�4 . This offers a high-profile antenna 

with a substrate around three times thicker than in the proposed 2DLWA. As the FoM indicates, 

the antenna has a splitted beam for �D �ã�4 
R�r�ä�r�y�t���¤ . It can be attributed to the propagation of higher-

order modes according to section 4.3, in which the propagation of the higher-order mode is 

estimated at �D �ã�4 
R�r�ä�r�y�z���¤ . 

4.4 Conventional air-filled 2DLWA  

For the sake of a fair comparison, we developed and analyzed a conventional air-filled uniform 

2DLWA based on the design procedure of [125], [145] . A capacitive PRS printed on a 20 mils 



74 
 

Rogers RT/duroid 5880 dielectric is separated from the ground plane with a 5.8 mm air gap. The 

antenna operates based on the propagation of the first higher mode of a PPW. An opening etched 

on the ground plane efficiently excites the TE1/TM1 modes in the cavity [30]. Antenna parameters 

have been calculated and optimized to achieve the maximum realized gain at the broadside. The 

dispersion diagram is evaluated by TR technique [145] and shown in Figure 4.16 along with 

realized gain obtained by a full-wave simulation. 

 

Figure 4.16 Evaluated dispersion curve for the developed air-filled 2DLWA along with realized 
gain calculated by HFSS 

4.4.1 Parametric analysis of air-filled 2DLWA  

The antenna performance has been scrutinized with parametric analysis of the length and height as 

illustrated in Figure 4.17. A beam splitting condition (based on the defined FoM) occurs at �.���ã�4 
L

�w�ä�z, as shown in Figure 4.17(a). The estimated beam splitting condition is consistent with analytical 

results in[145] as indicated here with a triangular curve. The aperture efficiency generally has a 

declining trend and reach 64% at maximum antenna gain around �.���ã�4 
L �u�ä�v, which is consistent 

with the 65% aperture efficiency mentioned in[145],[138]. Parametric analysis for the antenna 

height in Figure 4.17(b) clearly shows that resonance condition occurs at �D���ã�4��
L ���r�ä�w as is the 

case for the conventional air-filled 2DLWA. The defined FoM indicates that below �D���ã�4��
L ���r�ä�v�v, 

the antenna experiences a beam splitting condition (a conical beam [30],[29]).  The presented 

parametric analyses reveal that the aperture efficiency in the proposed 2DLWA on a high 

permittivity substrate is enhanced by 15% as compared to conventional air-filled counterpart. This  
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Figure 4.17 Parametric analysis of the developed air-filled 2DLWA for various values of (a) 
normalized length and (b) normalized height at 26GHz 

attributes to employing edge reflections in the proposed antenna which can be readily realized by 

etching air slots around the PRS printed on a high permittivity substrate. 

4.5 Simulation and measurement results 

Antennas have been completely designed with optimum dimensions and feeding lines based on the 

parametric analysis as illustrated in detail in Figure 4.18. To eliminate the spurious effects of the 

feeding line on radiation behavior and excitation of surface waves, we take advantage of the SIW 

to realize a completely isolated antenna from the feeding network. The SIWs are implemented on 

Rogers RT/duroid 5880 with a thickness of 20 mils for both antennas to reduce loss and achieve 

mechanical stability for the fabrication process and measurement. A narrow aperture is etched at 

the end of the shorted SIWs (where magnetic field is maximum) to ensure that cavities are excited 

efficiently. We use a low-cost standard printed-circuit board (PCB) process in our Poly-Grames 

Research Center for fabrication of the antennas. Figure 4.19 (a) illustrates the fabricated proposed 

2DLWA on Rogers RT/duroid 6010 with a relative permittivity of 10.2 along with the SIW feeding 

line. According to the parametric analysis of the proposed antenna, a substrate with a thickness of 

0.754 mm results in a peak gain of 15 dBi.  

However, this thickness is not in the range of commercial substrates provided by the Rogers 

corporation. Instead, we use a stack of three 10 mils layers which were tightly pressed and glued 

using epoxy to synthesize a unified substrate with the desired thickness and uniform connections 

between layers. In this antenna, substrates are extended enough beyond the optimum size of the 

PRS to ensure that a negligible amount of epoxy glue leaks into the cavity. This extended area is 
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separated by air-trench/slot walls from the cavity to realize reflecting boundaries. Figure 4.19(b) 

provides a snapshot of the fabricated conventional air-filled 2DLWA. The capacitive PRS is printed 

on Rogers RT/duroid 5880 with a thickness of 20 mils and separated from the SIW by a 5.8 mm 

air gap (~��0/2), realized with a ROHACELL foam. The PRS layer, foam, and the SIW layer were 

glued and then pressed. The high density (71kg/m3) foam was deployed to provide a sufficient 

mechanical strength during the fabrication process as well as reduce fabrication tolerances. To 

mitigate loss and parasitic effects introduced by the foam inside the cavity, a large air hole is etched 

inside the foam. Then, the foam was extended beyond the PRS to reduce leakage of the epoxy glue 

inside the cavity. 

 

Figure 4.18 Geometric and dimensions of (a) the proposed 2DLWA with LPRS = 18.6, WSIW = 
4.8, WCPW = 1.9, LCPW = 6.5, Lt = 40, Lc = 20, W = 4.3, P = 4.8, Ws = 1, Ls = 2, and  (b) air-filled 
FPCA with LPRS = 41.5, WSIW = 4.8, WCPW = 1.9, LCPW = 6.5, Lf = 50, hf = 5.8, Ws = 0.25, Ls = 

8.5, Wc = 10.8 , Lc = 7.2 , P = 4.2, and W = 3.8  (All dimensions are in millimeter)   
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Figure 4.19 Top and bottom views of (a) the proposed and (b) air-filled 2DLWA 

 

4.5.1 Simulated and measured results of the proposed 2DLWA 

Reflection coefficients of both antennas were measured by Keysight network analyzer (PNA 

N5247B). Figure 4.20 compares the measured and simulated reflection coefficient of the 2DLWA 

on a high permittivity substrate. Some discrepancies are observed between simulation and 

measurement results which are due to fabrication tolerances and can be explained by sweeping the 

slot length [Ls in Figure 4.18(a)] etched at the end of the shorted SIW. The simulated fractional 

impedance bandwidth (�8�5�9�4
Q�t�; corresponding to Ls = 2 mm is around 5.3% while, due to 0.5 

mm inaccuracy in slot length in the fabricated prototype, the measured fractional impedance 

bandwidth for Ls = 2.5mm is about 2.2%.  
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Figure 4.20 Simulated and measured reflection coefficient of the proposed 2DLWA [Ls is the 
length of aperture etched on the ground plane according to Fig. 18(a)] 

It denotes the sensitivity of impedance matching to the slot length which should be carefully 

considered in antenna-frontend integration. Simulated radiation and aperture efficiency of the 

2DLWA at 26 GHz are 96% and 79% (up to 80% around 26.1 GHz), respectively as illustrated in 

Figure 4.21. Note that the antenna experiences a slight frequency shift as compared to the 

parametric analysis which is due to introducing the feeding line. Broadside radiation efficiency is 

also plotted in Figure 4.21which is defined as the ratio of broadside gain over broadside directivity 

[125] . As plotted, the broadside radiation efficiency in the proposed antenna is about 89% at 

26GHz. 
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Figure 4.21 Simulated total, aperture, and broadside efficiencies of the proposed 2DLWA 

The antenna's radiation patterns were measured in our Poly-Grames Research Center's far-field 

anechoic chamber, and the results are detailed below. The antenna under test (AUT) in the 

measurement setup receives a radiated EM power from a transmitter, which is a mmW horn 

antenna. To evaluate the gain of the AUT, a standard gain horn (SGH) antenna (NSI-MI 

technologies Model: MI-12A-26) was employed. Figure 4.22 and Figure 4.23 compares simulated 

and measured co- and cross-polarization radiation patterns of the proposed antenna. Some 

discrepancies are observed between both data sets in the E-plane of co-polarization pattern which 

can be attributed to diffractions from the end-launch connector during measurement as studied in 

Figure 4.22.  

 

Figure 4.22 Normalized simulated and measured co-polarization radiation pattern of the proposed 
2DLWA with and without connector effects including adhesive with 2 mils thickness 
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Figure 4.23 Simulated and measured cross-polarization radiation patterns of the proposed 
2DLWA with connector effects including adhesive with 2mils thickness 

Measured and simulated broadside realized gain along with aperture efficiency in the frequency 

range of 25-27 GHz are plotted in Figure 4.24. A reasonable agreement is observed between 

simulation and experimental results. The minor discrepancies �:
O�s���@�$�E) in realized gain around 

the operating frequency (26 GHz) are mostly due to fabrication tolerance in slot length (Ls) as 

estimated in Figure 4.20. The measured and simulated peak realized gain is around 14.45 dBi and 

15 dBi, respectively. As indicated in Figure 4.24, the measured aperture efficiency properly follows 

the simulated result with a reasonable agreement. 

 

Figure 4.24 Simulated results and experimental validations of realized gain and aperture 
efficiency of the proposed 2DLWA   

4.5.2 Simulated and measured results of air-filled 2DLWA  

As shown in Figure 4.25, measured reflection coefficient is in proper agreement with simulated 

results in air-filled 2DLWA. Figure 4.26 illustrates simulated and measured radiation patterns in 
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both E- and H-planes of this antenna at 26 GHz. As studied by parametric analysis in Figure 4.26, 

some disagreements between experimental and simulation results are due to minor deviations in 

cavity height realized by foam as justified for both principal planes. Simulated aperture efficiency 

in Figure 4.27is around 60% at 26 GHz while it has a peak of 65% around 25.68 GHz. Total 

radiation efficiency and broadside radiation efficiency are 96% and 93%, respectively. It is worth 

mentioning that the simulated broadside realized gain in this antenna is 20 dBi. 

 

Figure 4.25 Simulated and measured reflection coefficient of the air-filled 2DLWA 

 

Figure 4.26 Normalized simulated and measured radiation patterns of the air-filled 2DLWA at 
26GHz. [hf is the cavity height as indicated in Figure 4.18(b)] 
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Figure 4.27 Simulated aperture, total, and broadside efficiencies in the air-filled 2DLWA 

4.5.3 Comparison table 

To highlight the advantages of the proposed 2DLWA, a comparison table is provided as tabulated 

in     

Table 4.1. It demonstrates that the proposed antenna outperforms other published counterparts 

judging from the combination of antenna profile, aperture efficiency, and cavity footprint, for OEIC 

applications. Although the proposed antenna provides a lower impedance and pattern bandwidth 

than certain air-filled counterparts due to the use of a substrate with a high relative permittivity (�0r 

= 10.2), it is still a viable candidate for antenna-front integration. 

4.6 Conclusion  

An extremely low-profile, low-footprint and highly efficient mmW 2DLWA on high permittivity 

substrate has been presented and analyzed completely. A design methodology was developed and 

investigated based on employing a capacitive PRS on a high permittivity substrate for the first time. 

Then a leaky-wave analysis was presented based on the proposed ECM and full-wave simulation 

to support the theory. It has been shown that the propagation of a Q-TEM mode in a 2DLWA with 

a capacitive PRS, implemented on a high permittivity substrate, leads to a high-gain, high-efficient, 

compact, and low-profile antenna. Owing to wave reflections at truncated edges of the limited-

extend PRS on a high permittivity substrate, the aperture efficiency was improved up to 15% as 

compared to the developed conventional counterpart with a capacitive PRS. We believe that our 
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proposed 2DLWA, together with the methodology outlined, sheds light on the realization of a high-

gain and high-efficient antenna for emerging highly integrated ARoF-based systems.    

Table 4.1 Comparison of the proposed and reference antennas 

Ref. 

Antenna 

profile 

����0)1 

Peak 

Aperture 

efficiency (%) 

Peak gain 

(dBi) 

Impedanc

e BW (%) 

Gain BW 

(%) 2 

Cavity 

Footprint ( �Å
Ù

Û)1 

Cavity type 
Freq. 

(GHz)3 

[125] 0.5 18~35 15.6 7.8 4.29 21.34 (4.62×4.62) 

Rectangular,  

air filled 

63 

[134] 0.81 51 16.6 16.7 - 6 (3×2) 9.9 

[138] 0.5 65 20.07 4.7 - 18.1 (4.25×4.25) 8.5 

[139] 0.254 26.2 16 11.5 3.6 12.11 (3.48×3.48) 60 

[145] 0.51 65 20 - 2.88 13.47 (3.67×3.67) 10.5 

[153] > 0.4 10~20 13.6 - 25.6 10.0 (3.17×3.17) 61.4 

[146] 0.2 19.21 12.77 58.1 34.8 & 46 7.84 (2.8×2.8) 8.5 

[174] 0.96 27.82 21 13.4 2.92 36 (6×6) 12 

[175] 1.29 86 20.2 47.2 57 11.15 Circular, air filled 14.5 

This 

work 
0.065 

Meas.: ~78.7 

Sim.: 80 

Meas.: ~14.45 

Sim.: 15 

Meas.: ~ 2.2 

Sim.: 5.3 

Meas.: 4.83 

Sim.: 4.9 
2.9 (1.71×1.71) 

Rectangular, 

dielectric filled, 

���0r = 10.2) 

26.1 

1:  ��0 �L�V���F�D�O�F�X�O�D�W�H�G���D�W���W�K�H���D�Q�W�H�Q�Q�D�¶�V���S�H�D�N���S�H�U�I�R�U�P�D�Q�F�H�� 
2: 3dBi variations is considered in bandwidth calculation. 
3�����)�U�H�T�X�H�Q�F�\���R�I���D�Q�W�H�Q�Q�D�¶�V���S�H�D�N���S�H�U�I�R�U�P�D�Q�F�H�� 
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CHAPTER 5  DUAL -BAND APERTURE-SHARED ANTENNA 

ARRAY WITH LARGE FREQUENCY RATIO  

 

In this chapter, we aim to develop two dual-band antenna elements operating in two different 

frequency bands with large frequency ratios (greater than three) which can be applied to the 

development of dual-band grating-lobe-free antenna arrays. The first technique is based on stacking 

different antennas operating in sub-6 GHz and Ka-band in a multilayer structure while the second 

technique uses the first and third resonance frequencies of a slot antenna, which are coupled to the 

three metallic strips at the top layer, to generate a self-scaled radiation pattern. This antenna 

operates in X- and Ka-band in which a self-scalable radiation pattern suppresses the grating lobe 

in the upper-frequency band. 

 

5.1 Sub-6 GHz and Ka-band aperture-shared antennas 

The integration of microwave and mmW systems can be arranged in two distinctive scenarios. On 

one hand, crowded spectrums available in the RF/microwave band make it highly useful for energy 

harvesting purposes in addition to the well-established communication and other wireless 

applications. On the other hand, attainable broad bandwidth in the mmW regime is also preferable 

for broadband data communication and sensing functions. Therefore, the concurrent use of both 

mmW and RF/microwave frequency bands opens up new horizons toward the realisation of 

multiple wireless functions within the same transceiver design platform such as energy harvesting 

and high data rate communication for forthcoming battery-less wireless sensor networks (WSN) 

and IoT-oriented systems [176]. �'�H�V�L�J�Q�L�Q�J���F�R�P�S�D�F�W�����O�R�Z���F�R�V�W�����D�Q�G���K�L�J�K�O�\���H�I�I�L�F�L�H�Q�W���D�Q�W�H�Q�Q�D���D�U�U�D�\��

�I�R�U���V�L�P�X�O�W�D�Q�H�R�X�V���D�Q�G���F�R�Q�F�X�U�U�H�Q�W���R�S�H�U�D�W�L�R�Q���L�Q���E�R�W�K���V�X�E�������*�+�]���D�Q�G���P�P�:���E�D�Q�G�V���L�V���Q�R�W���D���W�U�L�Y�L�D�O���W�D�V�N��

�V�L�Q�F�H���P�D�L�Q�W�D�L�Q�L�Q�J���D���S�H�U�P�L�W�W�H�G���H�O�H�F�W�U�L�F�D�O���L�Q�W�H�U���H�O�H�P�H�Q�W���V�S�D�F�L�Q�J���L�Q���R�U�G�H�U���W�R���D�Y�R�L�G�L�Q�J���J�U�D�W�L�Q�J���O�R�E�H�V���L�Q��

�D�� �X�V�X�D�O�O�\�� �U�H�V�W�U�L�F�W�H�G�� �G�H�V�L�J�Q�� �V�S�D�F�H�� �Z�L�W�K�� �V�X�F�K�� �D�� �O�D�U�J�H�� �I�U�H�T�X�H�Q�F�\�� �U�D�W�L�R�� �L�V�� �F�U�X�F�L�D�O�� �L�Q�� �D�Q�W�H�Q�Q�D�� �D�U�U�D�\��

�G�H�Y�H�O�R�S�P�H�Q�W�V���� �7�R�� �R�Y�H�U�F�R�P�H�� �V�X�F�K�� �D�� �F�K�D�O�O�H�Q�J�L�Q�J�� �L�V�V�X�H�����W�K�H���D�S�H�U�W�X�U�H���V�K�D�U�H�G���F�R�Q�F�H�S�W�� �K�D�V���E�H�H�Q��

�S�U�R�S�R�V�H�G�� �D�V�� �D�� �S�U�R�P�L�V�L�Q�J�� �P�H�W�K�R�G�R�O�R�J�\���>�������� �����@���H�Y�H�Q�� �W�K�R�X�J�K�� �W�K�L�V�� �W�H�F�K�Q�L�T�X�H�� �V�X�I�I�H�U�V���I�U�R�P�� �O�R�Z��
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�U�H�D�O�L�]�D�E�O�H���J�D�L�Q���D�Q�G���O�R�Z���L�P�S�H�G�D�Q�F�H���E�D�Q�G�Z�L�G�W�K����The shared-aperture concept can be applied in either 

single layer or multi-layer architecture. However, the former type does not offer an optimum 

strategy because of improper isolation and insufficient mutual coupling control between antenna 

blocks especially working in mmW bands. Strictly speaking, surface wave and radiation loss in 

mmW feeding networks are two inevitable issues. Therefore, a reasonable isolation is highly 

desired for suppressing any mutual coupling within an array in question. 

5.1.1 Antenna structure and specifications 

In this subsection, a multi-layer architecture is proposed to achieve a high-level of isolation, 

integration and gain. To this end, more effort and special care should be invested to yield superior 

results compared to the case of a single-layer architecture. Several factors are involved for selecting 

adequate radiating elements such as easy fabrication, polarization diversity, reasonable filling 

factor in array design and ease of integration with active circuits. Considering all the above-

mentioned criteria, we consider patch antenna in this work as a radiating element of choice for both 

operating bands even though other topologies can be considered.  

 

Figure 5.1 Specifications and main dimensions of the proposed multilayer antenna 

A unit cell of the proposed dual-band antenna comprising of a four-layer stacked architecture is 

shown in Figure 5.1 and Figure 5.2 . A perforated rectangular patch antenna resonates at 3.7GHz, 

which is fed through a proximity coupling mechanism at the bottommost layer. In order to increase 

both bandwidth and gain, a capacitively-loaded square loop antenna located in the topmost layer is 

stacked with the perforated antenna, leading to the formation of a relatively high-gain and  
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Figure 5.2 Details of the proposed multilayer dual-band antenna, W1 = 4.5, L1=16, W2= 0.5, 
W3=3, L3 = 21, W4 = 0.5, L4 = 12, W5 = 1.5, L5 = 29.8, W6 = 1.63, L6 = 33, W7 = 1.2, L7 = 3.85, 

W8 = 0.75, L8 = 6, W9 = 0.4, L9 = 3.52 (all dimensions are in millimetres) 

broad-band radiator. In this case, the mmW antenna array comprising of 3×3 square patches are 

located underneath the sub-6 GHz antenna. To achieve wider bandwidth and good isolation, an 

aperture-coupled feeding is applied to the mmW antenna, consisting of microstrip-fed tiny slits 

etched on the ground plane aligned to the middle part of the patch antennas (where magnetic field 

becomes maximum), resulting in the maximum coupling and better impedance bandwidth. In the 

proposed four-layer architecture, certain parameters like perforation ratio, air gap and substrate 

thickness are set to play prominent roles in affecting antenna performances which deserve much 

attention and design consideration. Air gap between sub-6 GHz and mmW antennas has eminent 

effects on antenna functionality, namely 1) reducing mutual coupling between mmW patch 

antennas; 2) controlling power coupled to surface waves in the upper layer; and 3) controlling 

bandwidth and coupled power to sub-6 GHz antenna fed by a proximity coupling. To alleviate 

destructive effects of surface waves and to have reasonable bandwidth, substrate at the topmost 

layer is preferred. Therefore, Rogers RT/Duriod 5880 is used in this case. A further improvement 

in mmW efficiency and radiation is made by opting thin and perforated substrate in the third layer. 

It is worth mentioning that the perforation causes additional decrease in permittivity thus helping 

to suppress the surface waves. 
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Figure 5.3 Front and backside of the fabricated antenna 

 

Figure 5.4 Simulated and measured reflection coefficients in both Ka-band (with various slot 
�Z�L�G�W�K���³�:9�´���L�Q��Figure 5.2) and S-band 

             Table 5.1 Main parameters of the proposed antenna 

Frequency  3.7 GHz 28 GHz 

Imp. bandwidth (sim.) 330 MHz  
(~ 8.78 %) 

5.2 GHz 
 (~18.7 %) 

Imp. bandwidth (meas.) 250MHz 
(~ 6.62%) 

6.1GHz 
(~ 21.6 %) 

Realized gain (meas.) 8.35 dBi 13.3 dBi 

�7�K�H�� �I�D�E�U�L�F�D�W�H�G�� �S�U�R�W�R�W�\�S�H�� �L�Q��Figure 5.3�� �G�H�P�R�Q�V�W�U�D�W�H�V�� �W�K�H�� �P�X�O�W�L���O�D�\�H�U�� �L�Q�W�H�J�U�D�W�H�G�� �V�X�E������ �*�+�]��

���V�L�P�X�O�D�W�L�R�Q�����������a�����������*�+�]�����D�Q�G���P�H�D�V�X�U�H�P�H�Q�W���������������a���������*�+�]�����D�Q�G���.�D���E�D�Q�G�����V�L�P�X�O�D�W�L�R�Q���������������a��

�����������*�+�]�����D�Q�G���P�H�D�V�X�U�H�P�H�Q�W���������������a�������������*�+�]�����D�Q�W�H�Q�Q�D���D�U�U�D�\�����Ds simulated and measured results 

are summarized in Table 5.1. Figure 5.4 and Figure 5.5 show the simulated and measured reflection 

reflection coefficients and radiation patterns in both bands. The proposed antenna shows 13.3 dBi 

and 8.35 dBi realized gains in Ka-band and S-band, respectively.  
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Figure 5.5 . Simulated and measured radiation patterns in (a) S-band and (b) Ka-band (E-plane in 
left side and H-plane in right side)  

5.2 X-band and Ka-band aperture-shared antenna with self-scalable pattern  

As mentioned earlier, the frequency ratio of a dual-band antenna array is primarily limited by the 

appearing grating lobe in the upper-frequency band which degrades the antenna array performance. 

In the previous section, an architecture based on stacking different antennas was proposed and 

prototyped, however, due to the complex antenna structure, it may not be suitable for deep 

integration of the antenna with active circuits. In this section, however, a simple dual-layer slot 

antenna with a self-scalable radiation pattern is investigated and elaborated in which the grating 

lobe is suppressed by squeezing the radiation pattern in the upper-frequency band. Thanks to simple 

structure of the proposed antenna, it can be employed in antenna-frontend integration design 

scenarios. 

5.2.1 Fundamentals of self-scalable radiation pattern 

Total radiation patterns of a 1×10 uniform antenna array with a half-wavelength inter-element 

spacing for four antenna elements with the radiation patterns of �¾�?�K�O�à ,  �?�K�O�à , �?�K�O�6�à���á����and �?�K�O�8�à 

at the resonance frequency of f0 are depicted in Figure 5.6(a). As it is shown, as the element pattern 
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is more directive (i.e., cos(��) function with a larger power), the total array pattern, which is scanned 

to the broadside, has smaller side-lobe levels. As frequency increases, electrical inter-element 

spacing is increased and the antenna array is prone to appearing grating lobes. As shown in Figure 

5.6 (b), a full grating lobe appeared in the array factor of the array antenna at 3.5×f0 around �à
L

�x�v�� .  

 

Figure 5.6 (a) Total pattern (i.e., array factor and element patterns) of 1×10 uniform array with a 
half-wavelength inter-element spacing along with the element patterns for four types of radiation 
patterns at resonance frequency of f0 (b) array factor of this array at 3.5×f0 , and (c) the total array 

pattern of the array at 3.5×f0 

However, as illustrated in Figure 5.6(c), as the directivity of the antenna element in the array is 

increased, the grating-lobe level is more reduced in the corresponding total radiation pattern. This 

technique can be used for suppressing the grating lobe in a dual-band antenna array with a large 

frequency ratio which is the key idea of the developed dual-band antenna element in the next 

sub�V�H�F�W�L�R�Q���� �,�Q�� �W�K�L�V�� �W�H�F�K�Q�L�T�X�H�� ���Z�K�L�F�K�� �L�V�� �F�D�O�O�H�G�� �³�V�H�O�I-�V�F�D�O�D�E�O�H�� �U�D�G�L�D�W�L�R�Q�� �S�D�W�W�H�U�Q�´�� �L�Q�� �W�K�L�V�� �Z�R�U�N������ �W�K�H��

grating lobe is suppressed by squeezing the radiation pattern in the upper-frequency band. 

5.2.2 Dual-band slot antenna with a large frequency ratio 

Slot antenna has been deployed as a fictitious magnetic dipole for low-cost and low-profile 

applications. Multi-band and broadband slot antenna have been extensively studied in literatures. 

In [177] ,  an ultra-wideband slot antenna was designed based on multiple-mode resonance (MMR) 

scheme. A novel microstrip-fed slot antenna was proposed in [178] for broadband applications 

using double rejection zeros. Broadband cavity-backed dumbbell-shape slot antenna was proposed 

and studied in [179]. Fictitious short circuit technique was used in [180] for developing a broadband 
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slot antenna. However, the maximum attainable frequency ratio in the above-mentioned antennas 

for dual-band operation is merely one octave which is definitely not sufficient for future multi-

functional systems. Developing a compact multi-band phase array antenna for simultaneous 

wireless operations in both communication linkage and radar sensing including synthetic aperture 

radar (SAR), short-range (SRR)/long-range automotive radar (LRR) is strongly desired in 

forthcoming integrated RF/wireless systems. Integration of triple bands has been realized by a 

shared-aperture concept [62]. And also, the integration of right/left-handed (CRLH) transmission 

lines into Bowe-tie antenna as a LC filter for dual-band operation was proposed in [181]. A 2×2 

dual- band antenna array with one octave frequency ratio based on step-impedance filter was 

developed in [182] while it suffers from the complexity of both feeding network and structure.  In 

this subsection, we aim to develop a dual-band slot antenna element operating in X-band and Ka-

band with a frequency ratio of around three, based on using the first and third resonance frequencies 

of a slot, in which grating lobe is suppressed in the Ka-band using the self-scalable radiation pattern 

technique. 

As shown in Figure 5.7, the proposed antenna consists of a half-wavelength slit etched on the 

ground plane fed by a U-shape microstrip line. The use of a very narrow slot ensures that 1) dipoles 

and slot are coupled with each other through magnetic field; and 2) back radiation is considerably 

reduced. The U-shape feeding network impedes the excitation of the second resonance mode of 

magnetic field and slot has an even-symmetrical excitation as shown in Figure 5.8. At the first 

resonance [Figure 5.8(a)], a larger parasitic half-wave dipole is coupled to the slot and presents two 

fundamental effects: 1) uniformity of field distribution through coupling to magnetic field and 2) 

decreasing �F�R�Q�W�U�L�E�X�W�L�R�Q�� �R�I�� �V�O�R�W�¶�V�� �H�G�J�H�V�� �W�R�� �U�D�G�L�D�W�L�R�Q�� �F�R�Q�V�H�T�X�H�Q�W�O�\�� �G�H�F�U�H�D�V�L�Q�J�� �P�X�W�X�D�O�� �F�R�X�S�O�L�Q�J�� �D�V��

well as increasing realizable gain. At the third resonance [Figure 5.8(c)], however, two half-

wavelength short dipoles placed close to nodal points of magnetic field are effectively coupled to 

the slot and construct a parallel dipole array which results in increasing gain by shrinking pattern 

(self-scalable concept) for suppressing grating lobes and reducing mutual coupling. It is worth 

mentioning that the two edge dipoles cannot couple properly at the first mode since their lengths 

are smaller than the resonance-length at this frequency. As shown in Figure 5.8(b), the second 

mode is suppressed by the U-shape feeding network as the two symmetric branches of the feeding 

network are close to  
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Figure 5.7 Geometry of the two-layer proposed antenna, L1 = 8.42 mm, L2 = 2.8 mm, L3 = 2.25 
mm, W1 = 0.2 mm, W2 = 0.4 mm, W3 = 5 mm,  (b) fabricated prototype using Rogers 5880 with 

thickness of 20 mils in both layers 

the nodal of the magnetic field in this mode. As a result, due to even symmetry of both feeding 

network and the magnetic field, this mode is effectively suppressed. 

 

Figure 5.8 Approximate magnetic field distributions of the proposed dual-band antenna at the (a) 
first mode (b) second mode, and (c) third mode 

Figure 5.9 shows the cross-section views of the magnetic field in the first and the third resonance 

modes. In the first mode, due to resonance of the half-wavelength slot, strong magnetic fields are 

observed at both ends of the slot. However, due to magnetic coupling of the slot to the narrow large 

parasitic dipole at the top layer, magnetic field becomes uniform over the slot antenna. This 

technique also increases the directivity and, as a result, front-to-back ratio (F/B) of the antenna. 

Note that, two short dipoles create local short circuits over the slot in this mode. In the third 

resonance mode, magnetic couplings to the small dipoles are strong while a weak coupling is 

observed to the large middle dipole. Therefore, in this mode, two small dipoles, as an array of two 

parallel dipoles, significantly contribute to the radiation pattern and increase the broadside 
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directivity. In this case, a self-scalable radiation pattern is realized at the third mode since the 

radiation pattern of this mode is more directive than in the first mode.  It is worth noting that in this 

mode, two branches of the U-shape feed line (found on the backside of small dipoles) at the bottom 

layer have reflective effects that increase F/B of the antenna.        

 

Figure 5.9 Operation principle of the proposed dual-band antenna in the first and third modes 
along with cross-section views of the magnetic field distributions and surface currents on the 

parasitic dipoles   

Simulated radiation pattern of the antenna at the third mode is further explored in Figure 5.10 by 

the antenna array theory. As shown in Figure 5.10(a), the simulated radiation pattern by HFSS can 

be approximated by the �?�K�O�8�à. Note that, as shown in Figure 5.6(c) the element pattern of �?�K�O�8�à 

shows a proper ability for grating lobe suppression as frequency is increased by a factor of 3.5. As 

shown in Figure 5.10(b), the radiation pattern of the antenna in the third mode (the upper band) can 

be obtained by the theory of antenna array using only contributions of the three dipoles which 

indicates the mechanism of radiation in this mode. Weighting factors of "1", "1", and "0.5" were 

applied in the analytical model derived from the array theory for edges and center dipoles, 

respectively.  
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Figure 5.10 (a) Comparison between the simulated radiation pattern by HFSS and �?�K�O�8�à 
function, as well as (b) radiation pattern of array of parallel dipoles (the proposed antenna) 

5.2.3 Experimental results and discussion 

Radiation patterns were measured in an anechoic chamber of our Poly-Grames Research Center 

and reflection coefficients were measured using Keysight N5224B as depicted in Figure 5.11, 

Figure 5.12, and Figure 5.13.  

 

Figure 5.11 Simulated and measured reflection coefficients of the proposed antenna with 
different values of slot length [L1 in Figure 5.7(a)] in (a) X-band and (b) Ka-band 
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Figure 5.12 Broadband measurement of the reflection coefficient showing a dual-band operating 
of the proposed antenna 

The deflection in E-plane of the X-band antenna is caused by diffractions from the end-launch 

connector since at this frequency electrical distance between antenna and connector is lesser than 

that of Ka-band. Table 5.2 summarized the measured radiation parameters of the proposed antenna 

in both frequency bands.  

 

Figure 5.13 Simulated and measured radiation patterns of the proposed antenna in (a) X-band and 
(b) Ka-band for both E-plane (left side) and H-plane (right side) 
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Table 5.2 Measured radiation parameters of the proposed antenna in both X- and Ka-band 

Antenna 

parameters 

Realized gain 
[dBi]  

X-pol [dB] F/B [dB] HPBW(E-plane) 
[Deg] 

HPBW(H-plane) 
[Deg] 

X-band  4.3  < -34.5  ~ 2 77 80 

Ka-Band 8.5 < -30 ~ 7.5 72 40 

 

5.2.4 Linear array design 

A three-element linear array is developed and analyzed to evaluate the antenna performance in 

array and validation of grating lobe suppression in Ka-band according to Figure 5.14(a). 

 

Figure 5.14 (a) Linear array of three developed dual-band antennas 

�7�K�H���D�Q�W�H�Q�Q�D�V���D�U�H���D�U�U�D�Q�J�H�G���Z�L�W�K���D�R�X�Q�G������������0L(center to center , as the antenna mainly radiates from 

�L�W�V���F�H�Q�W�H�U�������Z�K�H�U�H����0L is the maximum in-band wavelength in the X-band. In this case, the inter-

element spacing between the small dipoles (as the antennas mainly radiate from the small dipoles) 

are around 0.78 ��0H in the Ka-band. According to Figure 5.14(b), maximum mutual couplings in 

X-band is -14 dB while this value is -29 dB at the Ka-band. Simulated radiation H-plane patterns 
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of the antenna array is shown in Figure 5.15.  The suppressed grating lobe in Ka-band is evident 

around 50° which is around 12 dB below the main radition lobe at broadside. It is worth noting 

that, the impedance bandwidths of the antennas are decreased due to the mutual couplings and it 

can be enhanced by using multi-mode resonace concepts [183]. 

 

Figure 5.15 Radiation pattern of the linear array antenna in both X-band and Ka-band 

5.3 Conclusion 

In this chapter, we investigated two different antenna techniques for realizing dual-band antenna 

arrays operating in two frequency bands with large frequency ratios.  First, a unit cell of five-

layered dual-band antenna operating in both sub-6 GHz and Ka-band has been proposed, studied, 

and demonstrated. Low gain and limited bandwidth of the perforated patch antenna has been 

compensated by introducing a stacked capacitively-loaded square loop antenna. Loaded 

capacitance and inductance of the loop antenna have introduced an additional resonance, thus 

enhancing impedance bandwidth. Moreover, this coupled antenna system has improved a realizable 

gain in sub-6 GHz radiation. Subsequently, A self-scalable pattern concept is proposed and 

demonstrated to suppress grating lobes in multi-band antenna array exhibiting a large frequency 

ratio. This concept is realized by introducing parasitic dipoles in slot antenna, which constructs an 

array with parallel dipoles for shrinking pattern and removing grating lobe in upper frequency band. 

Theoretical and experimental results are presented to validate the proposed techniques. 
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CHAPTER 6  ARTICLE 4:  LEAKY -WAVE RADIATING 

SURFACE ON HETEROGENEOUS HIGH-��  

MATERIAL FOR MONOLITHIC ANTENNA -

FRONTEND INTEGRATION  

 

Amirhossein Askarian, Jianping Yao, Zhenguo Lu, and Ke Wu 

Published in Journal of applied physics vol. 133, no.7, January 28, 2023. 

 

In a highly integrated analog radio-over-fiber transceiver, seamless integration of the antenna-

frontend is crucial as an antenna is generally implemented on a high-���� �P�D�W�H�U�L�D�O���� �Z�K�L�F�K���L�V���V�H�W���W�R��

�K�L�J�K�O�\�� �G�H�J�U�D�G�H�� �W�K�H�� �D�Q�W�H�Q�Q�D�¶�V�� �S�H�U�I�R�U�P�D�Q�F�H���� �7�K�L�V�� �Z�R�U�N�� �L�V�� �F�R�Q�F�H�U�Q�H�G�� �Z�L�W�K�� �W�K�H�� �U�D�G�L�D�W�L�R�Q�� �E�H�K�D�Y�L�R�U��

improvement of a planar leaky-wave antenna with an inductive partially reflecting surface (PRS) 

on a high-�����V�X�E�V�W�U�D�W�H���I�R�U���G�H�Y�H�O�R�S�P�H�Q�W���R�I���D���K�L�J�K�O�\���G�L�U�H�F�W�L�Y�H���D�Q�W�H�Q�Q�D�����7�R���E�H�J�L�Q���Z�L�W�K�����Z�H���V�K�R�Z���K�R�Z��

a thin and single-mode resonance (SMR) inductive PRS on high-�����P�D�W�H�U�L�D�O�V���L�Q���D���S�O�D�Q�D�U���O�H�D�N�\-wave 

antenna is set to provoke two resonance frequencies (i.e., PRS and cavity resonances) to converge, 

thereby diminishing the antenna's broadside directivity. By applying an equivalent circuit model 

(ECM), we explain how a multi-mode resonance (MMR) PRS can adequately be applied to address 

the underlying challenges. Subsequently, the leaky-wave radiation behavior of an antenna with a 

heterogeneous substrate is investigated and analytical equations are derived and verified with a 

full -wave simulation. The effects of material permittivity and thickness in a heterogeneous-cavity 

antenna on leaky-wave performance are investigated using these approximate yet accurate-enough 

equations. To justify the findings, two 9×9 planar leaky-wave antennas are prototyped on 

heterogeneous substrates based on SMR and MMR PRS and the radiation performances are 

compared. Our investigations reveal that in the proposed scenario, an MMR PRS can significantly 

�H�Q�K�D�Q�F�H���W�K�H���D�Q�W�H�Q�Q�D�¶�V���E�U�R�D�G�V�L�G�H���G�L�U�H�F�W�L�Y�L�W�\���E�\���R�Y�H�U�������G�%�L���D�W���W�K�H���U�H�V�R�Q�D�Q�F�H���I�U�H�T�X�H�Q�Fy (27.5 GHz), 

which is also set to improve radiation pattern compared to a SMR-based antenna. Finally, a single-

fed dual-band aperture-shared antenna with a large frequency ratio (S-band and Ka-band) is 

developed and fabricated on a high-�����V�X�E�V�W�U�D�W�H���E�D�V�H�G��on the proposed MMR PRS. 
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6.1 Introduction  

The emerging demand for high-speed, efficient, and low-cost millimeter (mmW) wireless 

communications is enticing antenna and RF circuit researchers and practitioners to design and 

develop appealing technical solutions in terms of efficiency, cost, and overall performance. The 

well-established analog radio-over-fiber (ARoF) technology, which has been around since 1983 

[184, 185] , is a viable approach to establishing high-performance and broadband wireless 

connectivity with low expenditure as well as simplifying base station transceivers [186]. 

Microwave photonics technology has empowered the development of different ARoF architecture 

including low footprint and efficient broadband or multiband fiber-wireless systems [9, 20, 124, 

187].  In a transceiver based on microwave photonics technology, RF signal generation, filtering, 

mixing, and phase-shifting are all handled in a highly efficient optical processor, which not only 

substantiates the degree of integration but also dramatically reduces the complexity, costs, and 

losses in the front-end. To preserve a high integration level and also to eliminate parasitic effects 

and losses associated with bonding wires, a seamless integration of an antenna array with a 

photodiode is essential. Since high permittivity materials such as SiGe, InP, etc. are usually adopted 

to design a photodiode, the antenna-frontend integration inevitably encounters major hurdles for 

achieving broadband, highly efficient, and high gain radiations. Naturally, a highly directive and 

power efficient antenna array is required in transceiver to compensate for the overall propagation 

loss in an mmW fiber-wireless communication. In addition, a dual-band antenna array with a high 

frequency ratio is necessary to exploit the microwave (MW) and mmW spectrums' potential 

advantages in order to establish both a highly reliable (given by MW signal) and broadband 

(offered by mmW signal) wireless connectivity [4],[92]. 

As suggested by the conceptual block diagram of a dual-band ARoF system based on microwave 

photonic in Figure 6.1, a multi-wavelength quantum dot laser diode (MW-QDLD) is adopted in a 

central station to generate four high-resolution optical signals corresponding to �<�ã�5�á�ã�6�á�ã�7�á�ã�8�=. 

Two RF signals are then modulated on the optical signals through an optical modulator. Four 

optical signals are set to beat on a photodiode at the access point to generate both MW and mmW 

RF signals for dual-band communications. Therefore, a dual-band antenna on a high-�����V�X�E�V�W�U�D�W�H���L�V��

intended for seamless integration with a photodiode in the transceiver. In this work, we aim to 

develop a dual-band with large frequency ratio and high-gain antenna on a high-�� material for a 
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dual-band ARoF wireless system, as conceptually illustrated in Figure 6.1. Since this antenna is 

integrated with an MW-QDLD in an optoelectronic integrated circuit (OEIC), it should generally 

fulfil three major criteria, namely 1) the antenna should have a highly directive radiation beam 

while it occupies a small real estate and has a low profile structure; 2) to facilitate antenna 

integration with the MW-QDLD through the OEIC fabrication process, the antenna should have a 

simple structure that also allows surface waves to be effectively suppressed or diminished without 

adding excessive complexity to the system and; 3) with reference to Figure 6.1, for integration with 

an MW-QDL, antenna should be able to operate on both frequency bands through a single feed 

line (single-fed dual-band antenna). 

 

Figure 6.1 General block diagram of a typical dual-band ARoF system 

A review of recent publications [22],[188],[189],[33],[190] indicates a growing research interest 

in developing dual-band antennas having a large frequency ratio. However, low permittivity 

substrates have been used in those antenna structures as this common practice enables an easy 

generation of a high efficiency radiation while restricting the antenna arrays from seamlessly 

integrating with active circuits. Considering the special requirement of a high-�� substrate 

integration in this work, we will address both challenges namely 1) creating an antenna on a high-

�� substrate with improved radiation performances, and 2) devising a single-fed, dual-band, and 

high-gain antenna with a large frequency ratio suitable for seamless integration with an ARoF-

based front-end. For a variety of technical reasons, developing a conventional antenna array on a 

high-�� substrate is exceedingly challenging. First, a coupling of antenna elements through surface 

waves within a high-�� substrate results in various disastrous consequences such as excessively 

�P�X�W�X�D�O���F�R�X�S�O�L�Q�J�����S�R�R�U���U�D�G�L�D�W�L�R�Q���H�I�I�L�F�L�H�Q�F�\�����D�Q�G���V�W�U�R�Q�J���Z�D�Y�H���G�L�I�I�U�D�F�W�L�R�Q���I�U�R�P���W�U�X�Q�F�D�W�H�G���V�X�E�V�W�U�D�W�H�¶�V��

edges [90],[191],[192],[193],[194],[195] . Then, a significant mismatch takes place between 

antenna array aperture and air, resulting in a narrowband operation and poor radiation [192]. In 
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addition, instead of yielding an adequate radiation, a tightly bounded electromagnetic (EM) wave 

is formed in a high-�� �V�X�E�V�W�U�D�W�H���� �G�H�J�U�D�G�L�Q�J�� �D�Q�W�H�Q�Q�D�¶�V�� �S�H�U�I�R�U�P�D�Q�F�H���� To address these concerns, 

various strategies were studied and presented in the literature [90],[196],[197]. Although these 

solutions are practical and adaptable, they may increase the cost, footprint, and complexity of the 

antenna array in question, thus introducing a new set of issues and problems for circuit-antenna 

integration. 

Planar leaky-wave antenna, also known as a Fabry-Perot cavity antenna, is a suitable alternative 

for conventional array antennas since a highly directive pencil beam can be easily realized with a 

spartan structure [197],[28],[29],[125],[30],[198],[165],[199],[200]. This radiating structure, 

which is typically realized by two parallel metallic plates [ground plane and partially reflecting 

surface (PRS)] positioned roughly a half-wavelength apart, can be efficiently excited by a magnetic 

or electric current (slot or dipole) etched on one surface or placed in between two plates, 

respectively. In such antenna architecture, surface waves are either suppressed or weakly excited 

�R�Q���W�K�H���D�Q�W�H�Q�Q�D�¶�V���D�S�H�U�W�X�U�H���G�X�H���W�R���D���E�R�X�Q�G�D�U�\���F�R�Q�G�L�W�L�R�Q���L�P�S�R�V�H�G���E�\���D���P�H�W�D�O�O�L�F���3�5�6�����Z�K�L�F�K���S�U�H�V�H�Q�W�V��

potentially an advantage for developing a high-gain antenna on a high-�� substrate. Therefore, in 

this paper, we intend to deploy a planar leaky-wave antenna with an inductive PRS [30] as it 

enables us to effectively reuse antenna aperture over two different frequency bands, due to the fact 

that the real estate is a crucial factor in an integrated antenna design.   

To begin with, we investigate the issue regarding the use of a conventional thin single-mode 

resonance (SMR) surface on a high-�� substrate by developing equivalent circuit model (ECM). As 

the relative permittivity of the cavity increases in an antenna with an SMR PRS, the PRS becomes 

more transparent, resulting in a gain loss for the antenna. Although increasing the susceptance of 

the PRS (e.g., using a narrower slot in this work) could be a potential solution for some structures, 

it is not always a practical and feasible solution due to fabrication process constraints and 

restrictions for satisfying the cavity's resonant condition. To address this fundamental issue and to 

propose a general methodology, we examine the application of the multi-mode resonance (MMR) 

concept for improving antenna radiation performances on a high-�� substrate. We show that MMR 

PRS can not only fix this problem but also improve antenna gain bandwidth. Subsequently, a planar 

leaky-wave theory is applied to explore and analyze a double-layered substrate integrated cavity 

realizing a heterogeneous antenna-frontend integration. Our investigations show that adding a layer 

with a lower relative permittivity over the primary substrate (feeding network layer hosting active 
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circuits) with a large permittivity brings up some privileges in antenna design. This method not 

only makes it easier to select a proper material for satisfying the cavity resonance at a desired 

frequency but also provides a more control over the phase and attenuation constants of leaky waves. 

6.2 Theory and fundamental issue 

The magnitude of reflection coefficient of PRS with respect to the relative permittivity of a cavity, 

which is evaluated by (6.1) and ECM, is described in Figure 6.2 for certain values of the normalized 

PRS susceptance ���$�É�Ë�Ì�ß�4�� .It shows the effect of a relative dielectric permittivity inside a cavity 

on magnitude of PRS reflection coefficient.  As depicted in Figure 6.2, for a practical and high-

gain antenna with ���’ �É�Ë�Ì����
P ���r�ä�z�w�� [28] corresponding to�����$
$�É�Ë�Ì�� 
L ���$�É�Ë�Ì�ß�4����
P ���x , as the 

permittivity of the dielectric inside the cavity is increased, the magnitude of PRS reflection 

coefficient is diminished for each value of ���$
$�É�Ë�Ì�� .This would result in a tangible gain loss in 

radiation [29],[125],[30],  particularly for a lower value of ���$�É�Ë�Ì�ß�4��. To reach a robust conclusion 

about radiation behavior, the resonance condition inside the cavity should be properly considered 

as the PRS's susceptance plays a significant role in the resonance conditions inside the cavity at the 

desired frequency. A well-known ray-optic approach is used to calculate the desired phase of the 

�3�5�6�� �U�H�I�O�H�F�W�L�R�Q�� �F�R�H�I�I�L�F�L�H�Q�W�� ���K�H�U�H�L�Q�D�I�W�H�U�� �U�H�I�H�U�U�H�G�� �W�R�� �D�V�� �³�3�5�6�� �S�K�D�V�H�´�� �R�U�� �³�î �É�Ë�Ì�´���� �I�R�U�� �V�D�W�L�V�I�\�L�Q�J�� �W�K�H��

resonance criteria inside the cavity for a maximum broadside radiation, as described in (6.2) [198].  

 

Figure 6.2 (a) Variations of magnitude of PRS reflection coefficient, evaluated in the air-PRS 
boundary, for some values of normalized PRS susceptance with respect to relative permittivity of 

material inside the cavity, and (b) ECM of thin and SMR-based antenna 

In addition, the required height for satisfying the cavity resonance conditions with an inductive 

PRS is evaluated by (6.3) [30]. Substituting (6.3) in (6.2), the PRS phase can be obtained 

alternatively by (6.4) for the fundamental resonance mode [corresponding to �J��
L ���r in (6.2)] in 



102 
 

the cavity. Equation (6.4) states the required PRS phase for fulfilling the cavity resonance condition 

as a function of the magnitude of normalized PRS susceptance ���$
$�É�Ë�Ì�� and relative permittivity �Ý�å. 

It is worth noting that in a planar leaky-wave antenna, two resonant frequencies contribute to the 

operation, notably 1) cavity resonance frequency, corresponding to a frequency at which (6.2)-(6.4) 

are satisfied [30],[198].  In other words, the cavity starts to resonate when  �î �É�Ë�Ì is set to satisfy 

(6.2) or (6.4) or the cavity height satisfies (6.3); 2) the PRS resonance frequency, corresponding to 

a frequency at which  �î �É�Ë�Ì vanishes and the magnitude of reflection coefficient is also drastically 

decreased (i.e., PRS becomes transparent). 
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¨
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To understand the role of relative permittivity of a substrate in the performance of a dielectric-

filled planar leaky-wave antenna with an inductive PRS, a 3-D plot of (6.4) for a wide range of 

permittivity (�s
Q�Ý�å 
Q�w�r) and normalized PRS susceptance (�v
Q���$
$�É�Ë�Ì�� 
Q�w�r) is provided in 

Figure 6.3. Evidently, in a PRS (constant ���$
$�É�Ë�Ì�� 
L ���$�É�Ë�Ì�ß�4�� planes), �ò�î �É�Ë�Ì �ò�Ý�å 
O�r�¤ �á the latter 

means that the PRS phase (�î �É�Ë�Ì) should decrease to maintain the resonance condition [satisfying 

(6.�����@���D�W�� �W�K�H���F�D�Y�L�W�\�¶�V�� �U�H�V�R�Q�D�Q�W���I�U�H�T�X�H�Q�F�\�� �Z�K�H�Q�� �W�K�H�� �S�H�U�P�L�W�W�L�Y�L�W�\���R�I�� �W�K�H���V�X�E�V�W�U�D�W�H���L�Q�V�L�G�H���W�K�H�� �F�D�Y�L�W�\��

increases. Equivalently, as the relative permittivity is increased inside the cavity, the PRS 

resonance frequency [corresponding to a frequency at which���î �å�Ø�æ�ä
�É�Ë�Ì
L �r , c.f. Figure 6.4(d)] 

approaches the cavity resonance frequency. In this case, the magnitude of reflection coefficient 

also decreases and the PRS becomes more transparent, which results in a gain loss in the antenna.  
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Figure 6.3 3D plot of  �î �É�Ë�Ì [mentioned in (6.4)] with respect to variations of relative permittivity 

and normalized PRS susceptance 

Therefore, to avoid such a gain loss, the cavity resonance frequency should be properly adjusted 

so to stay far away from the PRS resonance frequency. To validate the analytical results, the Ansys 

HFSS is used to perform a full-wave analysis on a typical thin and SMR PRS. Although this 

analysis is applicable to a wide range of inductive PRS, a PRS with cross-slot unit cells [c.f. Figure 

6.4(a)] on Rogers RT/duroid 6006 with �Ý�å 
L�� 6.15 is used for proof of concept in this work. As 

shown in Figure 6.4(a), a port is assigned at the bottom of a unit-cell.  

 

Figure 6.4 (a) unit-cell and top view of a cross-slot SMR PRS (Ws = 0.4 mm, Ls =3.6 mm, Lu = 
4.9 mm, �Ý�å 
L�� 6.15), (b) normalized input impedance (normalized to air impedance, ��0), (c) 

magnitude of reflection coefficient, and (d) phase of reflection coefficient of cross-slot SMR PRS 

Having de-embedded the dielectric thickness, we calculated the normalized input impedance along 

with the magnitude and phase of reflection coefficient of the PRS in the desired frequency range 

as shown in Figure 6.4(b)- (d) in which PRS and cavity resonances are also indicated. According 

to Figure 6.4(d) and the theory of planar leaky-wave antenna, the cavity resonance is the point at 
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which two curves get coincided, namely the curve obtained by (6.2) and the phase of reflection 

coefficient obtained by HFSS. At this resonant frequency, the normalized PRS susceptance is 

evaluated about ���$
$�É�Ë�Ì�� 
L��5.5 by HFSS. To investigate and validate the effects of relative 

permittivity on the PRS performance, the normalized input impedance and magnitude and phase 

of reflection coefficient of the PRS unit-cell are examined by HFSS for three different relative 

permittivity values, namely �Ý�å 
L��2.2, 6.15, and 10.2, as shown in Figure 6.5(a)-(c). The cavity 

resonance is determined by (6.2) and (6.3) with ���$
$�É�Ë�Ì�� = 5.5. The relative permittivity of the cavity 

is swept in this case, while the PRS dimensions remain unchanged. Note that, as the permittivity 

changes, the cavity height is adjusted in accordance with (6.3), to maintain the cavity resonance at 

the desired frequency (i.e., 27.5 GHz). As the substrate permittivity rises from 2.2 to 10.2, the PRS 

resonance frequency [indicated in Figure 6.5(a) and Figure 6.5(c)] approaches the cavity resonance 

frequency (i.e., 27.5 GHz). In this case, according to Figure 6.5(c), the magnitude of reflection 

coefficient of PRS at cavity resonance is diminished; therefore, PRS becomes gradually transparent 

at cavity resonance frequency as the substrate permittivity is increased, which generally agrees 

with results shown in Figure 6.2. 

 

Figure 6.5 (a) PRS phase evaluated by HFSS and (6.2), (b) normalized input impedance 
(normalized to air impedance ��0), and (c) magnitude of reflection coefficient of SMR PRS for 
three different values of relative permittivity (cavity resonates at 27.5 GHz as indicated by a 

dashed line in these figures) 

At the same time, the phase of reflection coefficient in Figure 6.5(a) at cavity resonance is 

decreased, implying that the PRS resonance approaches the cavity resonance, which result in a 

low-gain radiation, as discussed earlier. This is consistent with the theory elaborated by (6.2)-(6.4) 

in this section along with Figure 6.3, which introduces a fundamental challenge in the design of a 

high-gain planar leaky-wave antenna in a high-�� substrate.  Note that, as expected, the impedance 
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bandwidth of PRS is also decreased as the permittivity of substrate is increased. To circumvent this 

scenario, an MMR PRS is proposed and investigated in the next section. 

6.3 Mult i-mode resonance antenna 

The MMR concept was used in antenna and filter design to enhance their performances 

[183],[201],[202]. In this section, an MMR PRS is designed to address the fundamental issue of 

the SMR counterpart and to increase the directivity of a planar leaky-wave antenna on a high-�� 

substrate. To construct an MMR PRS, a short cross-dipole inside a square ring is printed on a 

dielectric slab (Rogers RT/duroid 6006 used in this work) and placed on the top of an SMR PRS, 

as illustrated in Figure 6.3(a). The ECM of cross short dipoles and square ring can be totally 

described by a parallel RLC circuit and the ECM of the cross-slot in the bottom layer is also 

equivalent to a parallel RLC circuit as illustrated in Figure 6.3(b). A T-shaped equivalent network 

between two resonant tank circuits models the EM mutual coupling between two RLC circuits. 

Circuit component values are obtained with the help of Advanced Design System (ADS) software 

and mentioned in Figure 6.3(b). The S-parameters of the MMR PRS are evaluated by assigning 

two ports at the top and bottom of the unit-cell [c.f. Figure 6.3(a)] and de-embedding the 

corresponding air and dielectric spaces at the top and bottom, respectively. 

 

Figure 6.6 (a) unit-cell (Ls =3.6 mm, Ws = 0.4 mm, Lr = 3.1 mm, Wr = 0.4 mm, Ld =1.8 mm, Wd 
= 0.5 mm, Lu = 4.9 mm, �0r  =  6.15), and (b) ECM of the proposed MMR PRS, Ls = 11.97 pH, 

Cs=2.95 pF,Rs = 374.62 �
 ,Cc = 0.55 pF , Lc = 293.3 pH, Rr = 10 k�
 ,Cr=1 pF,Lr=17.64 pH 
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Figure 6.7 (a) normalized input impedance (normalized to air impedance ��0) evaluated by full 
wave simulation in HFSS and circuit model in ADS, (b) magnitude of reflection coefficient of the 

MMR antenna shown in Figure 6.6 

Dimensions in both slot and ring-dipole layers are then optimized to create multimode resonances 

over the frequency band of interest. The normalized input impedances evaluated by the full-wave 

simulation in HFSS and the circuit model in ADS are depicted in Figure 6.7(a), also the magnitude 

of both reflection and transmission coefficients are plotted in Figure 6.7(b). With reference to 

Figure 6.7(b), two PRS resonance frequencies appear around 25.5 and 34 GHz corresponding to 

two nulls on the curve of reflection coefficient. Between these two frequencies, the reflection 

coefficient is constant and remains around unity realizing an opaque PRS. Looking into the 

impedance curve in Figure 6.7(a), the capacitive effect of the first resonance is offset by the 

inductivity of the second resonance in the region between two PRS resonance frequencies and 

appropriately far away from them, resulting in a frequency band with low resistance (R) and 

reactance (X) values with negligible variations over the frequency range. Therefore, PRS 

susceptance can be estimated as ���$
$�É�Ë�Ì�� 
N���s �:
$�É�Ë�Ì�¤ ��. Since �:
$�É�Ë�Ì is very small between the two 

resonance frequencies, the corresponding realized susceptance (�$
$�É�Ë�Ì) would be large. Simulation 

results show that the PRS susceptance is as large as ���$
$�É�Ë�Ì
�Æ�Æ�Ë�� 
N�t�w�ä�w��at 27.5 GHz, which is much 

larger than that of the SMR antenna with �+�$
$�É�Ë�Ì
�Ì�Æ�Ë�+
L��5.5.  

In this context according to the theory of planar leaky-wave antenna, a larger value of normalized 

PRS susceptance ���$
$�É�Ë�Ì�� results in a higher antenna peak field value at broadside [30]. As a result, 

MMR PRS can enhance broadside radiation since it provides a greater�����$
$�É�Ë�Ì�� than SMR PRS. The 

cavity resonance frequency can be set in the region between two PRS resonances by appropriately 
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adjusting the cavity height. In this case, according to Figure 6.2 and Figure 6.3, due to the large 

value of ���$
$�É�Ë�Ì��, the magnitude and phase of the PRS reflection coefficient would experience minor 

changes as the permittivity of the cavity increases. This characteristic makes the MMR PRS suited 

for achieving high-gain leaky-wave radiation in an antenna on a material with high relative 

permittivity. Consequently, an MMR PRS provides: 1) an opaque PRS with a larger reflection 

coefficient than that of SMR PRS on a high-�� material, as shown in Figure 6.7(b); therefore, 

realized leaky-wave attenuation constant (�.) would be small (as studied in the next section) , and 

as a result, broadside directivity (�&�ß �s �Ù
$�6�¤ ), and power density at broadside are increased 

according to (6.5) [30], [199] 2) a larger value of ���$
$�É�Ë�Ì
�Æ�Æ�Ë�� = 25.5 in comparison to the SMR 

counterpart with �+�$
$�É�Ë�Ì
�Ì�Æ�Ë�+ = 5.5 on a high-�� substrate; in this case according to (6.6), broadside peak 

field value is also increased [30]. 

 

Figure 6.8 Variations of normalized input impedance (normalized to air impedance ��0), of MMR 
�3�5�6���Z�L�W�K���U�H�V�S�H�F�W���W�R���³�W�´ 
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where �Ý�å���ƒ�•�†���ä�å are relative permittivity and permeability of material inside the cavity, and �Ù
$
L

�Ù �G�4�¤  is normalized leakywave attenuation constant. Parametric studies are performed to 

investigate MMR behaviors, as illustrated in Figure 6.8 and Figure 6.9. In Figure 6.8, the outer 

edge of the square ring is swept while the inner edge remains fixed. Therefore, the width of the 
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square ring at the top layer changes while the gap between the square ring and cross-dipole is kept 

constant. In this case, the inductivity of the square ring is changed while the coupling capacitance 

between the cross-dipole and square ring remains unchanged. As shown in the figure, the second 

resonance is changed while the first resonance is almost fixed around 25.5GHz. The same results 

are observed by changing the inside edge of the square ring which are not discussed here for 

brevity. By altering the length of the cross-slot in the bottom layer as shown in Figure 6.9, both 

resonances are swept along the frequency axis, signifying that the coupling between two resonators 

circuits is changed by altering the slot length. 

 

Figure 6.9 Variations of normalized input impedance (normalized to air impedance ��0) of MMR 

�3�5�6���Z�L�W�K���U�H�V�S�H�F�W���W�R���³�/�V�´ 

6.4 Design procedure and analysis 

In this section, we aim to design two antennas with SMR and MMR PRSs at 27.5 GHz and analyze 

them by equivalent transmission lines (TL) model to illustrate and support the theory presented and 

discussed in the previous sections. In addition, this model provides a general design methodology 

as well as a leaky-wave analysis of antenna with heterogeneous cavity, and then a full-wave 

simulation validates the results. 

6.4.1 Antenna with heterogeneous cavity 

Generally, a heterogeneous dielectric can be practically realized by a stack of several dielectric 

layers having different properties such as relative permittivity, permeability, and thickness. This is 

significant in ARoF integrated design scenarios as materials generally employed in electro-optical 
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transceivers are not necessarily the same as that used in RF circuits and antennas development. 

Also, it is of practical interest in planar leaky-wave antenna design as this technique add more 

degrees of freedom in the cavity design with available commercial substrates.  In this work, we 

utilize a double-layer planar leaky-wave antenna in which the substrate used in the feeding layer is 

not the same as that used in the radiating layer. The transverse TL model of an antenna with a 

double-layer cavity is used for design and analyze as shown in Figure 6.10. Note that this model 

would be more accurate when the incidence wave impinges at the same angle as the one used for 

the PRS characterization [203] which is �� = 0. To mimic a practical integrated antenna-frontend 

design scenario in a ARoF system [9], a relatively thin dielectric with a large relative permittivity 

(Rogers 6010, �Ý�å =10.2, �D�6 = 0.635 mm) is considered for the bottom layer while a thicker substrate 

with a low relative permittivity (Rogers 6006, �Ý�å = 6.15, �D�5��
P���D�6) is used for the top layer. �D�5 and 

�D�6 are selected so that the overall height (�D�5 
E�D�6) satisfies the resonance condition in the cavity 

�E�I�=�C�A�:�;�è�ã��
E�;�×�â�ê�á��
L ���r�;, where �;�è�ã and �;�×�â�ê�á are described in (6.7) and derived based on the 

network and TL theories, respectively; �G�4 is the free-space wavenumber; �J�5 
L �¾�Ý�å�5 ; �J�6 
L �¾�Ý�å�6; 

�;�4 is air admittance, �C�§���ƒ�•�†���>
$ are normalized canductance and susceptance of PRS, and �D�5 and �D�6 

are indicated in Figure 6.10. 

 

Figure 6.10 TL model of the planar leaky-wave antenna with double-layer cavity (i.e., a 
heterogeneous cavity) 

Note that a two-port network (characterized by admittance matrix) can describe the thick PRS 

[125]. This two-port network is terminated with an air admittance (�;�4), as shown in Figure 6.10. 
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By substituting (6.7) into the transverse resonance condition���E�I�=�C�A�:�;�è�ã��
E�;�×�â�ê�á��
L ���r�;, �D�5 is 

evaluated according to (6.8) and plotted in Figure 6.11for both SMR and MMR PRSs with nominal 

dimensions shown in Figure 6.4 and Figure 6.6, respectively. As shown, �D�5 can be estimated 

around 1.5 mm at 27.5 GHz for both antennas. 
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L
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Figure 6.11 �&�D�O�F�X�O�D�W�H�G���³�K1�´�����F���I����Figure 6.10) by (6.8) versus frequency for antennas with SMR 
and MMR PRSs 

6.4.2 Leaky-wave analysis 

The well-known transverse resonance technique along with the theory of small reflections [204] 

are employed to evaluate the leaky-wave attenuation and phase constants in a double-layer cavity. 

This approximate yet accurate-enough methodology facilitates the calculations in a heterogeneous 

cavity. In a special case where the ratio of relative permittivity of dielectrics in a double-layer 

cavity is within the specified range of �r�ä�x
O�Ý�å�5 �Ý�å�6 
Q�s�¤ , a set of analytical equations (6.9) can be 

derived to evaluate the leaky wave phase and attenuation constants (a derivation is provided in 

Appendix A). It should be noted that a set of transcendental equations described in Appendix A 

should be numerically solved for other ratios of dielectric constants.  The equations in (6.9) are 
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used to obtain the leaky-wave attenuation and phase constants and the results are shown in Figure 

6.12. As shown, the MMR-based antenna (antenna with an MMR PRS) not only provides a 

substantially lower attenuation constant (by a factor of around 35) around the cavity resonance 

(27.5GHz) than the SMR counterpart, but also the variations in attenuation constant versus 

frequency in the MMR-based antenna are much smoother around the cavity resonance. This feature 

may contribute to an improved broadside directivity since a larger portion of the radiating aperture 

is involved and contributes to radiation.  
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Figure 6.12 Leaky-wave (a) attenuation and (b) phase constants of both SMR and MMR antenna 

Furthermore, the phase constant in MMR antenna around the cavity resonance is notably less than 

that in SMR-based antenna. �7�K�L�V���S�U�R�Y�L�G�H�V���D���V�P�R�R�W�K�H�U���S�K�D�V�H���Y�D�U�L�D�W�L�R�Q���R�Q���W�K�H���D�Q�W�H�Q�Q�D�¶�V���D�S�H�U�W�X�U�H�� 
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To validate the analytical results, the calculated leaky-wave attenuation and phase constants (c.f. 

Figure 6.12) are employed to calculate ���É�Ë�Ì��and �î �É�Ë�Ì by (6.10) and (6.11). Longitudinal 

propagation constant �G�í�5�á�6 
L �Ú�í�5�á�6 
E�F�Ù�í�5�á�6  (z-axis shown in Figure 6.10) in each layer is obtained 

by using the transverse propagation constant�:�G�ç 
L �Ú
F�F�Ù) in (6.10). Then a system of equations 

with two unknown parameters (���É�Ë�Ì�á�î �É�Ë�Ì) in (6.11)  is solved at each frequency to obtain 

(���É�Ë�Ì�á�î �É�Ë�Ì�; (where ���4
�Í�Æ���Í�¾and �T�{�,

�Í�Æ���Í�¾ are described in Appendix A , �D�5 = 1.5 and �D�6 = 0.635 mm 

are the thickness of layers in the cavity, �G�Å�Ð
�Ì�Æ�Ë �G�4�¤ 
L �Ú�Ì�Æ�Ë
$
$
$
$
$
$
$
F�F�Ù�Ì�Æ�Ë
$
$
$
$
$
$
$
L �r�ä�y�t
F �F�r�ä�s�t , and 

�G�Å�Ð
�Æ�Æ�Ë�G�4�¤ 
L �Ú�Æ�Æ�Ë
$
$
$
$
$
$
$
F�F�Ù�Æ�Æ�Ë
$
$
$
$
$
$
$
L �r�ä�u�s
F �F�r�ä�r�r�u). It is worth noting that employing either the TE or 

TM leaky-wave mode leads to the same results, according to the theory of planar leaky-wave 

antenna [29],[125],[30]. The obtained ���É�Ë�Ì��and �î �É�Ë�Ì are compared in Figure 6.13 with those 

evaluated by HFSS for the SMR and MMR PRSs. A good consistency between analytical and full-

wave simulation results confirms the accuracy of (6.9) (the derivations of (6.10) and (6.11) are 

given in Appendix A). 

 

Figure 6.13 Magnitude and phase of reflection coefficient evaluated by (6.10) and (6.11) and full-
wave simulations (HFSS) for both (a) MMR and (b) SMR antenna 
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Since the full-wave simulation of a large antenna with double-layer cavity and high-�� substrate 

involves a large amount of resource and time, an analytical model in (6.12) [28],[165]  is used in 

this work to estimate broadside directivity for a large radiating aperture. 
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The analytical model is used to evaluate the antenna directivity at broadside [�à
L �r���‹�•���:�x�ä�s�t�;], for 

various edge reflection coefficients, with regard to a number of unit cells, as illustrated in Figure 

6.14, which incorporates the edge reflections of a truncated aperture, where fap is aperture field, 

�³�S� ́ is periodicity, �G�Å�Ð
�×�Ü�Ø�ä
L �G�ç

�×�Ü�Ø�ä
L �Ú
F�F�Ù ���³�/�´ is antenna length, �’ �Í�¾ 
L


k�G�ç
�×�Ü�Ø�ä
F�G�ç

�Ô�Ü�å
o 
k�G�ç
�×�Ü�Ø�ä
E�G�ç

�Ô�Ü�å
o
W �� is edge reflection coefficient for TE mode, �G�ç
�Ô�Ü�å
L 
¥�G�4

�6 
F �G�í�6 ,  

�G�í 
L 
§�Ý�å�G�4
�6 
F �:�G�ç

�×�Ü�Ø�ä�;�6 , �G�4 is free-space wavenumber. Generally, there are noticeable reflections 

at the antenna's truncated edges that can impact the directivity of the antenna, particularly in the 

case of an antenna with a lower attenuation constant. It is worth noting that applying either �’ �Í�¾ or 

�’ �Í�Æ (edge reflection coefficients for TE and TM leaky-wave modes, respectively) which 
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corresponds to the H-plane and E-plane reflection coefficients, respectively results in the same 

broadside directivity [125],[30].As shown in Figure 6.14,  there are a significant difference in the 

directivity of two antennas, particularly with �0 
P�x. Compared to SMR-based antennas in the 

MMR counterpart, edge reflections have a more noticeable impact on the directivity of the antenna. 

 

Figure 6.14 Evaluated directivity of SMR (�G�Å�Ð
�Ì�Æ�Ë �G�4�¤ 
L �Ú�§
F�F�Ù
$
L �r�ä�y�t
F �F�r�ä�s�t) and MMR 

�:�G�Å�Ð
�Æ�Æ�Ë�G�4�¤ 
L �Ú�§
F�F�Ù
$
L �r�ä�u�s
F�F�r�ä�r�r�u�;��antennas at 27.5GHz by (6.12) with different values of 
edge reflections (�� �Ø�×�Ú�Ø
L���� �Í�¾���á�r�ä�y�w���á�s), and full-wave simulations (HFSS). Full-wave 

results are comparable to analytical results for �� �Ø�×�Ú�Ø
L���� �Í�¾��in both SMR and MMR PRSs 

Edge reflections, however, have a negligible influence on directivity for unitcell numbers more 

than 18 (�0��
P ���s�z), as all corresponding curves in both MMR and SMR antennas are converging 

together. The effects of height and permittivity ratio on leaky-wave phase and attenuation constants 

in the double-layer cavity MMR-based antennas are shown in Figure 6.15. In this case, the height 

and relative permittivity of the first layer, as well as the unit cell geometrical parameters mentioned 

in Sections 6.2 and 6.3, are assumed to be constant, while the top layer's relative permittivity �Ý�å�5 

and thickness �D�5 are swept, and the transverse phase and attenuation constants are calculated by 

(6.9). With reference to Figure 6.15, using a thicker substrate on the top layer (larger �D�5 �D�6�¤ ) with 

a lower relative permittivity (smaller �Ý�å�5 �Ý�å�6�¤ ) reduces both phase and attenuation constants. It 

should be noted that, to design an antenna with the desired leaky-wave parameters (�Ù�á�Ú) according 

to Figure 6.15, the cavity resonance condition mentioned in (6.8) should also be addressed to obtain 

a maximum directivity. 
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Figure 6.15 Variations of leaky-wave attenuation and phase constants in the MMR antenna for 
different values of relative permittivity ratio with respect t�R���U�D�W�L�R���R�I���V�X�E�V�W�U�D�W�H�V�¶���K�H�L�J�K�W�V���L�Q���F�D�Y�L�W�\ 

6.4.3 �(�I�I�H�F�W�V���R�I���H�G�J�H�¶�V���U�H�I�O�H�F�W�L�R�Q���F�R�H�I�I�L�F�L�H�Q�W���R�Q���G�L�U�H�F�W�L�Y�L�W�\ 

Figure 6.16 �L�O�O�X�V�W�U�D�W�H�V���D���K�H�D�W�P�D�S���R�I���D�Q�W�H�Q�Q�D�¶�V���G�L�U�H�F�W�L�Y�L�W�\�����Z�K�L�F�K���L�V���H�Y�D�O�X�D�W�H�G���E�\����6.12), for both 

�6�0�5���D�Q�G���0�0�5���3�5�6�V���Z�L�W�K���U�H�V�S�H�F�W���W�R���W�K�H���P�D�J�Q�L�W�X�G�H���D�Q�G���S�K�D�V�H���R�I���H�G�J�H�¶�V���U�H�I�O�H�F�W�L�R�Q���F�R�H�I�I�L�F�L�H�Q�W���R�I��

antenna at the resonant frequency with nominal parameters values and �0��
L ���w.  

 

Figure 6.16  �+�H�D�W�P�D�S���R�I���H�Y�D�O�X�D�W�H�G���D�Q�W�H�Q�Q�D�¶�V���G�L�U�H�F�W�L�Y�L�W�\���X�V�L�Q�J�������������Z�L�W�K���U�H�V�S�H�F�W���W�R���P�D�J�Q�L�W�X�G�H���D�Q�G��
phase of edge reflection coefficient (�� �Ø�×�Ú�Ø), for �0��
L ���w�á�B��
L ���t�y�ä�w���
���œ, 

�:�=�;�������� �������� ���™�‹�–�Š���G�Å�Ð
�Ì�Æ�Ë �G�4�¤ 
L �Ú�§
F�F�Ù
$
L �r�ä�y�t
F �F�r�ä�s�t, and �:�>�;�������� �������� ���™�‹�–�Š���G�Å�Ð

�Æ�Æ�Ë�G�4�¤ 
L
�Ú�§
F�F�Ù
$
L �r�ä�u�s
F�F�r�ä�r�r�u 

As described, peak broadside directivity in the SMR antenna corresponds to ���Ø�×�Ú�Ø
N�A�Ý�� while it 

shows a minimum at ���Ø�×�Ú�Ø
L �s. Maximum and minimum broadside directivities in the MMR 

antenna correspond to ���Ø�×�Ú�Ø
N�A�Ý�7�ä�8 and ���Ø�×�Ú�Ø
N�A�Ý�8�ä�;, respectively.  
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�7�K�L�V�� �I�L�J�X�U�H�� �V�K�R�Z�V�� �W�K�D�W���W�K�H�� �D�Q�W�H�Q�Q�D�� �G�L�U�H�F�W�L�Y�L�W�\�� �L�V�� �D�� �I�X�Q�F�W�L�R�Q�� �R�I�� �H�G�J�H�¶�V�� �U�H�I�O�H�F�W�L�R�Q�� �F�R�H�I�I�L�F�L�H�Q�W���� �7�K�H��

�Y�D�U�L�R�X�V���H�G�J�H�¶�V���U�H�I�O�H�F�W�L�R�Q���F�R�H�I�I�L�F�L�H�Q�W���F�D�Q���E�H���U�H�D�O�L�]�H�G���E�\���G�L�I�I�H�U�H�Q�W���D�Q�W�H�Q�Q�D���O�H�Q�J�W�K�����D�F�F�R�U�G�L�Q�J���W�R���W�K�H��

TL theory. This figure also illustrates that, in comparison to the SMR, the variation of directivity 

in the MMR-based antenna is significantly greater when considering edge reflections. 

6.4.4 Full -wave simulation of developed MMR and SMR antennas 

Two 9×9 antennas based on SMR, and MMR concept and heterogeneous cavities are developed 

and analyzed using HFSS in this subsection, and the results are compared. Those two antennas are 

designed based on a 2-D arrangement of unit cells on Roger RT/duroid 6006 with �Ý�å��
L ���x�ä�s�w on 

the top layer and Roger RT/duroid 6010 with �Ý�å = 10.2 on the bottom layer as their geometries are 

detailed in Figure 6.17.  

 

Figure 6.17 3-D and cross sectional views of two 9×9 antennas along with corresponding unit 
cells with (a) SMR antenna, Lu = 4.9, Ls = 3.6, Ws = 0.5, Wp = 46.4, Wa = 60, La = 63.25, and 
(b) MMR antenna, Ls = 3.6, Ws = 0.4, Wp = 46.4, Wa = 60, La=63.25, Lr=3.1, Wr = 0.4, Ld = 
1.8, Wd = 0.5, Lu = 4.9 (all dimensions are in millimeters). In both antennas, YoZ plane is E-

plane and XoZ plane is H-plane 

Each antenna's cavity is fed through an opening etched in the ground plane and excited by a wave 

port in HFSS. In both antennas, the bottom layer (Roger RT/duroid 6010) beyond the cavity area 

is covered by a metallic sheet (copper cladding) and surrounded by SIW-like metallic walls to 

eliminate the adverse effects of edge diffractions on radiation patterns caused by surface wave 

propagation on the bottom substrate. These metallic walls (SIW-like walls) also inhibit the 

propagation and diffraction of excited parallel-plate waveguide (PPWG) mode in the bottom layer.  

It is worth noting that in Figure 6.17���E�������W�K�H���F�H�Q�W�H�U���X�Q�L�W�F�H�O�O�¶�V���G�L�P�H�Q�V�L�R�Q�V���L�Q���W�K�H���W�R�S���O�D�\�H�U���K�D�Y�H���E�H�H�Q��

modified by about 25% to improve impedance matching at the waveport. Full-wave simulations 
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are used to evaluate antenna realized gain and directivity at broadside, and the results are shown in 

Figure 6.18. The peak directivity of the MMR and SMR antennas are located at approximately 

27.37 and 27.19 GHz, respectively with slight offsets from 27.5 GHz. Obviously, an MMR antenna 

shows an appreciable improvement in broadside gain and directivity by more than 4 dBi compared 

to that of an SMR antenna. The peak directivity for MMR antenna in Figure 6.18(b) is 16.1 

corresponding to 12.07 dBi which agrees well with 12.25 dBi evaluated analytically in Figure 6.14 

with �0��
L ���{ and �� �Ø�×�Ú�Ø
L �� �Í�¾. The peak directivity of the SMR antenna is estimated as 7.5 dBi 

analytically while this value is 8.15 dBi in a full-wave simulation. According to Figure 6.18(a), the 

3 dB pattern bandwidth in the MMR antenna is around 3.3% (26.75 to 27.65 GHz) while the SMR 

antenna shows only 1.65% pattern bandwidth (27.1 to 27.55 GHz). The 1.65% improvement in 

pattern bandwidth of the MMR antenna is attributed to a smooth variation of the phase of reflection 

coefficient around the cavity resonance at 27.5 GHz in Figure 6.13(a).  

 

Figure 6.18 Simulated broadside (a) gain and (b) directivity of both MMR and SMR antennas as 
shown in Figure 6.17 

Figure 6.19 compares the E-plane and H-plane radiation patterns (directivity) of SMR and MMR 

antennas. As illustrated, the radiation pattern of the antenna utilizing MMR PRS improves 

noticeably as compared to the SMR PRS. With reference to Figure 6.12(b) at peak directivity, in 

comparison to SMR antenna with �Ú �G�4 
L �r�ä�y�t���¤ , MMR antenna with �Ú �G�4 
L �r�ä�u�s���¤ provides a 

more uniform phase distribution throughout the antenna aperture. Furthermore, in the SMR antenna 

�Ù �G�4 
L �r�ä�r�y�t���¤  whereas this value is around �Ù �G�4 
L �r�ä�r�r�u���¤ for MMR antenna. These analyses 

suggest that the antenna with MMR PRS should be able to provide a greater control over the 

attenuation constant as well as a smoother phase fluctuation in the radiating aperture, thus leading 
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to an improved radiation behavior. A further investigation shows that the aperture field intensity is 

�U�H�G�X�F�H�G�� �D�W�� �W�K�H�� �D�Q�W�H�Q�Q�D�¶�V�� �H�G�J�H�V�� �E�\�� �D�� �I�D�F�W�R�U�� �R�I���' �:�. �t�¤ �; �' �4 
N�‡�š�’���:
F�Ù�. �t�¤ �;�¤ , where �' �4 is field 

�L�Q�W�H�Q�V�L�W�\���D�W�� �W�K�H�� �D�Q�W�H�Q�Q�D�¶�V�� �F�H�Q�W�H�U���� �³�/�´�� �L�V���D�Q�W�H�Q�Q�D�¶�V�� �O�H�Q�J�W�K�� �D�Q�G�� �³�Ù�´�� �L�V attenuation constant. Using 

�Q�R�P�L�Q�D�O���Y�D�O�X�H�V���I�R�U���³�Ù�´���D�Q�G �³�/�´�����³�:p�´���L�Q��Figure 6.17) in both SMR and MMR antennas reveals 

that in the SMR antenna only 4% of power meets the edges while this value is 91% for MMR 

antenna. It turns out that in the SMR antenna, 90% of the power is radiated within 70% of the 

�D�Q�W�H�Q�Q�D�¶�V���D�S�H�U�W�X�U�H���� �7�K�H�U�H�I�R�U�H���� �W�K�H���D�Q�W�H�Q�Q�D���V�X�U�I�D�F�H�� �W�K�D�W���H�I�I�H�F�W�L�Y�H�O�\�� �F�R�Q�W�U�L�E�X�W�H�V���W�R���U�D�G�L�D�W�L�R�Q���L�Q���W�K�H��

MMR antenna is found to be larger than that in the SMR antenna. 

 

Figure 6.19 Simulated radiation pattern (directivity) of (a) MMR antenna (c.f. Fig. 17(b)) and (b) 
SMR antenna [c.f.  Figure 6.17(a)] in both principal planes  

6.5 Dual-band antenna with large frequency ratio 

The developed and studied MMR-based antenna is used in this section to propose a single-fed dual-

band antenna with a double-layer cavity that operates at both S-band (3.2GHz) and Ka-band 

(27.5GHz) for highly integrated ARoF applications. The measurement results are then presented 

to validate the full-wave simulation results. Figure 6.20 and Figure 6.21 illustrate the 3-D geometry 

of the proposed dual-band antenna and the fabricated prototype, respectively. The overall structure 

consists of three stacked layers which are glued and then pressed under a high pressure to form a 

uniform connection, according to the PCB fabrication process in our Poly-Grames Research 

Center. The bottom layer (feeding line layer) is Rogers RT/duroid 6010 with �Ý�å��
L �s�r�ä�t and 25 

mils thickness. The middle layer and top layer are Rogers RT/duroid 6006 with �Ý�å��
L �x�ä�s�w and 

standard thickness of 100 and 25 mils. The antenna is fed by a CPW transmission line (CPW TL) 

�W�H�U�P�L�Q�D�W�H�G���D�W���W�K�H���U�D�G�L�D�W�L�Q�J���D�S�H�U�W�X�U�H�¶�V���F�H�Q�W�H�U���E�\���D���W�U�D�Q�V�Y�H�U�V�H���V�O�R�W���H�W�F�K�H�G���R�Q���W�K�H���J�U�R�X�Q�G���S�O�D�Q�H���� In the 

Ka-band, the antenna radiates as a 3×3 leaky-wave surface while in S-band the antenna operates as 
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a large square patch antenna excited by an etched slot on the ground plane forming an aperture-

coupled antenna. To accommodate an end-launch connector for our measurement purposes, a 

transition from an ungrounded CPW TL to a microstrip line is designed to provide a proper 

impedance matching condition in both frequency bands. The main architecture and substrates used 

in this antenna are the same as in Figure 6.17(b), but this antenna is driven by a CPW TL. Because 

of the parasitic effects of CPW TL within the cavity, a thicker substrate is required in the middle 

layer compared to Figure 6.17(b) to obtain maximum directivity at 27.5 GHz. 

 

Figure 6.20 3-D and cross section views of the proposed dual-band antenna with MMR PRS 
along with corresponding dimensions (in millimeters): WSIW  = 69.2, LSIW  = 56, Ld = 12, Wd = 1, 

Sd = 2.15, Lp = 14, LSub = 26.5, Ltc =12, Ls = 11, Ws = 0.8, Wsc = 1.6, Wc = 0.6, Ltm =10.35, 
Wms =15.2, Wm = 0.6 

 

Figure 6.21 Top and bottom views of the fabricated proposed dual-band antenna 
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The top surface of the bottom layer (feeder layer) is covered by a metallic sheet and surrounded by 

an SIW-like wall to prevent the excitation and propagation of SW and PPWG modes. The operation 

of the antenna in each frequency band is outlined in the next two subsections. 

6.5.1 Radiation in S-band 

Since the antenna radiates like an aperture-coupled patch antenna in this frequency range, the E-

plane length (along the y-axis in Figure 6.20) is adjusted to be roughly a half of the guided 

wavelength �ã�4
�Å �t�¾�Ý�å�5�¤ , where �ã�4

�Å is free-space wavelength at the lower resonance frequency (3.2 

GHz) and �Ý�å�5 
L �x�ä�s�w. The aperture width (length in the H-plane direction, along the x-axis) is also 

tuned to achieve the optimum impedance matching. The overall dielectric thickness (�D
L �D�5��
E

���D�6�� in Figure 6.20) should be in the range of �r�ä�r�s
O�D���ã�Ú�Å 
O�r�ä�s�s [205] to ensure the antenna can 

radiate properly as a patch antenna. Note that, since the antenna should operate simultaneously in 

both frequency bands, all dimensions should be optimized to achieve the best possible results in 

both frequency bands. Two parasitic dipoles (shown in Figure 6.20) on both sides of the radiating 

aperture in the middle layer improve the impedance matching by properly coupling to the antenna 

as illustrated in Figure 6.22.  

 

Figure 6.22 Effects of parasitic dipoles on reflection coefficient and realized gain of dual-band 
antenna in S-band 

The length of the parasitic dipoles is initially set around �ã�4
�Å �t�¾�Ý�å�5�¤   to excite the fundamental mode 

of surface current. The dimensions of the dipoles and their distance from the antenna are optimized 
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to achieve the best possible results in both bands. The optimization procedures are not discussed 

in this work for the sake of brevity. The effects of the surrounded metallic walls are also studied in  

Figure 6.23indicating its tangible effects on impedance bandwidth of the antenna. Simulated and 

measured reflection coefficients and radiation patterns in both principal planes are compared in 

Figure 6.24 and Figure 6.25, respectively, which indicates a reasonable consistency between the 

measurement and simulation results. Simulated and measured peak gains realized in this work are 

around 6 and 5.62 dBi, respectively.  

 

Figure 6.23 Effects of SIW-like walls around the antenna on reflection coefficient in S-band 
(without (w/o) SIW wall, with (w/) SIW wall, and with SIW wall with an additional 10 mm 

offset in each direction 

 

Figure 6.24 Simulated and measured reflection coefficients of the proposed dual-band antenna in 
S-band 
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The asymmetry observed in the measured pattern along the E-plane is attributable to diffractions 

from the end-launch connector during measurements. Cross polarization levels are better than -30 

dBi in both principal planes. 

 

Figure 6.25 Simulated and measured (a) E-plane and (b) H-plane radiation patterns of the 
proposed dual-band antenna in S-band 

6.5.2 Radiation in Ka-band 

As indicated briefly earlier, the antenna in this frequency band radiates as a leaky-wave surface, as 

discussed earlier. According to the preceding section, the antenna length (length along the y-axis) 

is initially adjusted around �ã�4
�Å �t�¾�Ý�å�5�¤  and subsequently optimized using a full-wave simulation. 

The number of unit cells is determined as follows. In the upper-frequency band (Ka-band) antenna 

�V�K�R�X�O�G�� �R�S�H�U�D�W�H�� �L�Q�� �D�� �³�Q�R�� �J�U�D�W�L�Q�J�� �O�R�E�H�� �U�H�J�L�P�H�´��[28] therefore, the unit-cell dimension (i.e., 

periodicity) should be turned around a half of free-space wavelength in the upper-frequency band. 

Therefore, the number of unit-cell is calculated as: 

�ã�4
�Å 
k�t
¥�Ý�å�5
o
L �0�:���ã�4

�Á �t�¤ �;
W �� �:�x�ä�s�u�; 

�0 
L ���ã�4
�Å �ã�4

�Á�¾�Ý�å�5���¤   

Considering �B�4
�Å 
L �u�ä�t���)�*�V���á�B�4

�Á 
L �t�y�ä�w���)�*�V, and �Ý�å�5 
L �x�ä�s�w, the number of unit cells in each 

principal plane is �0��
L ���u. With reference to Figure 6.14, peak directivity with �0��
L ���u and 

�� �Ø�×�Ú�Ø
L �� �Í�¾��is expected to be around 6 dBi for an MMR antenna and around 3.8 dBi for a SMR 

antenna. The optimized dimensions of two parasitic dipoles are around �t�ä�y�ã�4
�Á �¾�Ý�å�5�¤  in the Ka-

band. As such, a higher order mode of surface currents [see Figure 6.26 (a) and (c)] are induced on 

the parasitic dipoles at 27.5 GHz. In-phase induced currents across the dipoles, as shown in Figure 

6.26(a), act as a two-element in-phase antenna array, creating coherent radiations at the broadside. 
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However, in the SMR antenna, substantially smaller surface currents are induced on the dipoles, 

revealing a weaker coupling between the dipoles and leaky-waves at the aperture edges [see Figure 

6.26(c)]. This is explained by the leaky-wave analysis shown in Figure 6.12(a).  

 

 

Figure 6.26  Current distribution on parasitic dipoles along with simulated realized gain with (w/) 
and without (w/o) parasitic dipoles in the proposed dual-band antenna with (a-b) MMR PRS, and 

(c-d) SMR PRS 

A SMR antenna has a substantially higher leaky wave attenuation constant at 27.5 GHz than an 

MMR antenna. As a result, in the MMR antenna, weakly attenuated leaky-waves reach the antenna 

edges, where they induce stronger surface current on the dipoles, resulting in a significant 

improvement in antenna gain. In the SMR antenna, dipole contributions to radiation are negligible 

due to weakly induced surface currents on the parasitic dipoles. Figure 6.26(b) and (d) illustrate 

the gain profile versus frequency with and without parasitic dipoles for both MMR- and SMR-

based antennas, respectively. Because of the minimal coupling between the dipoles and leaky-

waves at the edges in the SMR-based antenna, its gain is only increased by around 0.5 dBi, from 

4.5 to roughly 5 dBi. The gain in the MMR, on the other hand, is roughly 5.8 dBi without dipoles 
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and increased up to 11.75 dBi with parasitic dipoles indicating around 6 dBi improvement. The 

MMR-based antenna's aperture efficiencies without and with parasitic dipoles are around 14% and 

43%, respectively. Simulated and measured reflection coefficients and normalized radiation 

patterns in both principal planes are compared in Figure 6.27 and Figure 6.28, respectively. 

Reasonable consistances are observed between simulation and measurement results.   

 

Figure 6.27  Simulated and measured of reflection coefficient of the proposed dual-band antenna 
in Ka-band 

 

Figure 6.28 Simulated and measured (a) E-plane and (b) H-plane radiation patterns of the 
proposed dual-band antenna in Ka-band 

Simulated and measured cross polarization levels in radiation pattern are better than -18 dBi in 

both principal planes while measured co-polarization level (realized gain) is around 9.6 dBi at the 

broadside. With reference to Figure 6.28, the H-plane pattern has a relatively high side lobe level 

(SLL), which could be attributed to the following effects: 1) parasitic radiation of excited higher 

order modes in the discontinuity between CPW and slot; 2) parasitic CPW TL radiation inside the 

cavity and parasitic radiation from transition between CPW TL and microstrip line, and; 3) 
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radiation from higher-order modes of surface currents induced on the parasitic dipoles, which 

positively contribute to the antenna's radiation at a particular spatial angle. 

6.6 Conclusion 

We investigated the effects of increasing relative permittivity of substrate on radiation performance 

in a substrate-integrated planar leaky-wave antenna with SMR PRS for the first time. We showed 

that the cavity and PRS resonances tend to merge as relative permittivity is raised. According to 

the analytical studies and full-wave simulations in this scenario, the magnitude of the PRS's 

reflection coefficient on a high-�� substrate is significantly reduced, which means a transparent PRS, 

causing a directivity loss at the broadside. We proved how to adopt an MMR PRS can successfully 

handle this issue and result in a significant improvement in the antenna broadside directivity and 

radiation pattern. According to our studies, an MMR PRS is set to provide a larger PRS 

susceptance with a smooth variation over specified frequency range. Additionally, it has a lower 

leaky-wave attenuation constant, thus enhancing the broadside radiations in accordance with the 

planar leaky-wave theory. A set of analytical equations for leaky-wave analysis of the antenna 

designed on a heterogeneous material were developed using the theory of small reflections. The 

results were confirmed by full-wave simulations. Finally, we developed, evaluated, and fabricated 

a class of single-fed dual-band antennas with a heterogeneous cavity that radiates in both S-band 

and Ka-band to shed lights on the development of an integrated antenna frontend in an ARoF 

system. 
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CHAPTER 7  ARTICLE 5:  DUAL -WIDEBAND RADIATING 

SURFACE USING INTERL EAVED ELECTRIC AND 

MAGNETIC CURRENTS FOR HIGHLY INTEGRATED 

MULTIFUNCTION WIRELESS SYSTEMS  

 

Amirhossein Askarian, Pascal Burasa, Jianping Yao, Zhenguo Lu, and Ke Wu 

Submitted to the IEEE Transactions on Antennas and Propagation, June 4, 2023. 

 

Unlike popular multiband antenna array radiation based on either electric or magnetic surface 

currents, the use of mutually interleaved and tightly coupled electric and magnetic currents results 

in an aperture-reused space-efficient multiband radiating surface for highly integrated antenna-

frontend architecture and spatial power combining design scenarios. In this work, slot and dipole 

modes corresponding to magnetic and electric currents are effectively excited and interleaved in a 

surface to develop a space-efficient dual wideband aperture-shared radiating surface. In this case, 

due to effective reuse of the antenna aperture over both frequency bands, the aperture-reused 

efficiency is 100%. First of all, we devise a planar ME-dipole-alike antenna and analyze it in both 

the frequency and time domain using a circuit model as well as a multi-mode resonance (MMR) 

concept. To investigate it further, the antenna is then studied by the characteristic mode (CM) 

theory and findings are validated using full-wave simulations. The developed planar ME-dipole-

alike antenna is used to realize a dual-wideband radiating surface in which electric and magnetic 

currents are mutually coupled and interlaced, which is excited by properly oriented and distributed 

sources on the ant�H�Q�Q�D�¶�V���V�X�U�I�D�F�H�����D�V���V�X�J�J�H�V�W�H�G���E�\���W�K�H���&�0���D�Q�D�O�\�V�L�V�����7�K�H���I�X�Q�G�D�P�H�Q�W�D�O���F�R�Q�V�W�U�D�L�Q�W�V���R�Q��

antenna bandwidth over both frequency bands are evaluated and elaborated using accurate-enough 

closed-form equations derived by Bode-�)�D�Q�R�¶�V�� �F�U�L�W�H�U�L�R�Q����Eventually, a highly isolated dual 

wideband prototype developed and fabricated using a cost-effective multi-layer PCB process that 

operates in Ku-band with respective impedance and gain bandwidth of approximately 42%, and in 

Ka-band with respective impedance and gain bandwidth of 29% and 16.32%. 
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7.1 Introduction  

Wireless technology has made a tremendous progress during the last decades, and this has mostly 

been driven by a strong desire to cover the ever-increasing and ubiquitous needs in our fast-

evolving information society such as higher data rate, smart connectivity, fast identification and 

accurate location, etc. It has been emerging as a future technology not only for data communication, 

as traditionally used to be, but also as parametric sensing and wireless powering applications [2, 

206]. This paradigm shift has definitely attracted much attention in the research and development 

community towards multifunction frontends and systems [14, 207]. The development of such 

systems with high data transmission throughputs based on frequency diversity is a key-enabling 

feature within such highly publicized 5G/B5G (beyond 5G) and future generation wireless 

communication and sensing technology platforms. However, as opposed to the scenarios over 

single band frontends, a successful implementation of such multifunction frontends in an efficient 

integrated manner requires innovative multiband approach to dealing with technical challenges 

simultaneously over RF/microwave and millimeter-wave (mmW) bands. Indeed, high-efficient, 

high-gain, low-complex (guaranteeing an easy co-integration with active circuits), and space-

efficient multi-band antenna solutions should be developed with unprecedented implementation 

techniques for such future multifunction wireless systems. Multi-band antennas covering both 

RF/microwave and mmW bands have extensively been studied and reported [8, 208].  

For a widespread deployment of such multifunction systems, however, the selection of antenna is 

principally based on compactness. This remains a challenging problem and it is not well studied 

and demonstrated in the context of the above-mentioned high-efficient integrated multifunction 

frontends. Therefore, in our opinion, radiation aperture-shared techniques present an adequate 

candidate for such compact and efficient antenna developments since they make use of a common 

space for the design of antennas operating over different frequency bands. Thus far, a majority of 

the divulgated materials on dual-band aperture-shared antennas [4-6] were realized by stacking 

antenna elements, which generally demand for a complex feeding network to excite both frequency 

bands, and inherently render the integration of active circuits and antenna [89] a very challenging 

task. In [5], for example, the integration makes use of a metasurface combined with a partially 

reflective surface (PRS) in a shared-aperture manner operating at the S-band and Ka-band, 

respectively. The resonant mode of the metasurface is excited by a microstrip-fed slot, and the PRS 

with a pair of substrate integrated waveguide (SIW)-fed slots forming a Fabry�±Perot resonator 
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antenna (FPRA). In [6],  a patch antenna array operating at 28 GHz is embedded into a perforated 

lower frequency band path antenna operating at 3.5 GHz. SIW vertical power divider structures 

are used to feed the upper frequency band patch antenna array. Even though they present a dual-

band mode, they still exhibit a narrow band, and it is even more challenging to simultaneously 

provide wide impedance and gain bandwidth for both bands. Popular ME-dipole antenna 

techniques [7, 67],[209],[79],[210],[211],[212],[213],[214]  are often used to mitigate and enhance 

the bandwidth issues. Indeed, they are well-known for their broad impedance and gain bandwidth, 

low cross-polarization, and high radiation/aperture efficiency. Although this type of antenna has 

been studied and developed with a variety of topologies, a conventional type is basically realized 

by using an orthogonal arrangement of a half-wavelength dipole and a quarter-wavelength patch 

antenna, which serve as electric and magnetic currents, respectively [79]. 

So far, there is still a need to study a planar aperture-shared ME-dipole concept for the development 

of multi-wideband antenna array featuring high space-efficiency, simplicity, and the ability to 

allow a multi-band operation with high band-to-band isolation without adding any complexity to 

the antenna structure. In this work, the proposed dual-wideband radiating surface is thoroughly 

studied and elucidated. The simulated and measured results are found to support the feasibility and 

confirm its space-efficiency and frequency-diversity based on a reused and shared physical space 

while maintaining robust radiation performances (gain, bandwidth, and isolation) and coherent 

beam directions.  

The key idea of the proposed concept is to use both electric and magnetic currents in an interleaving 

manner in a dual-band or multi-band antenna array design scenario, as opposed to the conventional 

way in which radiation is mainly based on either electric or magnetic currents, resulting in a space- 

and aperture-reused efficient antenna array for integrated antenna-frontend and spatial power 

combining design scenarios. Slot and dipole modes corresponding to magnetic and electric 

currents, respectively, are effectively interleaved in a planar form to develop a highly space-

efficient dual wideband antenna array, radiating from a common aperture. Due to an efficient reuse 

of the antenna aperture over both frequency bands, aperture-reused efficiency of this proposed 

antenna concept is 100%. An experimentally prototyped dual-wideband antenna exhibits a 

measured peak gain of 6.83 dBi in Ku-band with impedance and gain bandwidth of 41.9% and 

shows a peak gain of 9.55 dBi in Ka-band with impedance and gain bandwidth of 29%, and 16.32%, 
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respectively. A radiation efficiency of 94% and 90%, is observed in Ku-band and Ka-band, 

respectively. 

In section 7.2, we formulate and examine a theory based on the planar ME-dipole-alike antenna in 

both frequency and time domain using a circuit model as well as a multi-mode resonance (MMR) 

concept. For further investigation, the antenna is analyzed using characteristic mode (CM) theory. 

Subsequently, a full-wave simulation is applied to validate our analysis and findings. In section 

7.3, the developed planar ME-dipole-alike antenna is used to realize a dual-wideband aperture-

shared radiating surface in which both slot and dipole modes are interleaved and excited by proper 

sources distributed over the radiating surface, as suggested by the CM analysis. The fundamental 

constrains on antenna bandwidth over both frequency bands are also studied and evaluated using 

approximate closed-form equations formulated by Bode-Fano criterion. section 7.4 presents and 

discusses the measurement results. Both simulated and measured results are shown to have a good 

agreement in support of the proposed dual-wideband radiating surface. 

7.2 Fundamentals of planar me-dipole antenna 

In this section, the fundamentals of a planar ME-dipole antenna are elaborated and studied in both 

frequency and time domain using an equivalent circuit model (ECM) as well as a multi-mode 

resonance (MMR) concept. Then, we make use of a characteristic mode analysis to explain the 

contributions of both dipole and slot modes (electric and magnetic currents) in connection with 

the antenna radiation mechanism. Figure 7.1 conceptually depicts a typical planar ME-dipole 

antenna as well as electromagnetic (EM) field distributions of the fundamental modes of slot and 

dipole antennas. As suggested by the EM field profiles of the slot and dipole antennas in Figure 

7.1, the perpendicular arrangement of the slot and dipole antennas would result in a coherent 

combination of the EM fields. Since the amplitude and phase of the EM fields change with the 

variation of lengths and widths of the dipole and slot antennas, the EM fields can be coupled and a 

multi-mode resonance (MMR) is thus generated, leading to a broadband bandwidth of both 

impedance and gain. As illustrated in Figure 7.1, the input impedance of the dipole antenna is 

capacitive before the resonance frequency and subsequently flips to inductive after the resonance 

frequency, whereas the slot antenna impedance is inductive first and then becomes capacitive after 

the resonance. In this case (Figure 7.1), within the region between two resonant frequencies, both  
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Figure 7.1 Electromagnetic field distributions in a slot , dipole, and ME-dipole-alike antenna 
along with frequency response of reactance of isolated slot and dipole antennas  

antennas have an inductive impedance that is not set for an MMR condition and broadband 

behaviour. The coupled dipole-slot antenna can be described by admittance matrix (7.1) where 

each element is determined by EM field interactions over the antenna surface. The �;�Ü�Ü��elements 

represent the self-admittance of isolated slot and dipole (where subscripts �E��and���F denote slot and 

dipole sources) while �;�Ü�Ý���;�Ý�Ü  represent the mutual admittances between dipole and slot antennas 

�Z�K�L�F�K���F�D�Q���E�H���H�Y�D�O�X�D�W�H�G���E�\���W�K�H���³�U�H�D�F�W�L�R�Q���W�H�U�P�´���D�F�F�R�U�G�L�Q�J���W�R [215]. 

 

 

 

(7.1) 

The ����equivalent network of the coupled system is illustrated in Figure 7.2. In this model, �;�5�5 and 

�;�6�6 represent the admittances of the isolated dipole and slot antennas while �;�5�5+�;�5�6 and �;�6�6+�;�5�6 

are equivalent admittances of the coupled dipole and slot antennas. As in the proposed ECM, all 

EM mutual interactions are considered, it can explain the broadband behaviour of the ME-dipole-

alike antenna through the MMR concept. As earlier noted, according to (7.1), the value of each 

admittance matrix element can be adjusted to obtain the desired frequency response by properly 

opting slot and dipole dimensions. With reference to Figure 7.2, Zin is the input impedance of the 

�����H�T�X�L�Y�D�O�H�Q�W���Q�H�W�Z�R�U�N���I�U�R�P���³�$�%�´���W�H�U�P�L�Q�D�O���D�Q�G���L�W�V���L�P�D�J�L�Q�D�U�\���S�D�U�W�����U�H�D�F�W�D�Q�F�H���W�H�U�P�����K�D�V��been plotted 

with respect to frequency. As expected, the coupling network shifts the resonance frequencies of 
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both isolated slot and dipole antennas. It also serves as an impedance convertor. Looking from the 

AB terminals, the frequency response of the isolated slot antenna is changed from anti-resonance 

(parallel RLC) to resonance (series RLC) behaviour, as shown by the coupled slot-dipole curve 

described in Figure 7.2. In this case, in the region between the two resonances (dipole and slot 

resonances), the inductance of the dipole antenna is compensated by the capacitance of slot, and as 

a result, an MMR frequency response is realized, which set to a broadband ME-dipole-alike 

antenna. 

 

Figure 7.2 �Œ-equivalent circuit mode of a coupled dipole-slot antenna and profile of the 
imaginary part of input impedance 

To validate our qualitative analysis, a full-wave simulation was performed by CST Studio Suite 

and simulated results are plotted in Figure 7.3. The proposed ME-dipole-alike antenna is composed 

of two metallic plates (dipole antenna) arranged longitudinally with an air gap (slot antenna) and 

placed over a ground plane. It is excited by a lumped port at the gap, and all dimensions were set 

to achieve the optimum results. The antenna shows more than one octave impedance and gain 

bandwidth of 74% and 71%, respectively. Variations of "Wp" and "Lp" mainly change the slot 

(second resonance frequency) and dipole mode (first resonance mode), respectively, as anticipated 

by the qualitative analysis as aforementioned. As expected, in a coupled slot-dipole (ME-dipole) 

antenna, any variation of parameters would affect all resonant frequencies (as can be explained in  
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Figure 7.3 A basic form of the ME-dipole-alike antenna (Wp=2.58 mm , Lp=2.5 mm ,g=0.2 mm) 
along with full-wave simulations and paranmetric results for validation of the presented 

qualitative analysis. Distance between antenna and ground plane is 3.2 mm 

Figure 7.2). It is worth mentioning that, as opposed to the classical ME-dipole antennas, the 

proposed antenna does not have a completely symmetrical radiation pattern over a wide frequency 

range. 

 

7.2.1 Qualitative time-domain analysis  

The time-domain analysis as depicted in Figure 7.4sheds light on the principle of operation of the 

proposed ME-dipole-alike antenna. In the optimized structure, both dipole and slot antennas are 

electrically small; therefore, they have capacitive and inductive impedances, respectively. 

Therefore, the ME-dipole-alike antenna can be presented by a simplified ECM consisting of a 

parallel combination of capacitor and inductor. According to the surface current distribution 

evaluated by the full-wave simulations (Figure 7.4), the dipole mode is the dominant mode around 

�î 
L �ñ�P
L �r, while the slot mode outweighs the dipole mode around �î 
L �ñ�P
L �è �t�¤ , which can 

be explained by ECM in a time domain analysis. As can be seen, �r 
Q�î 
O�è �t�¤   in the frequency 

domain corresponds to �r 
O�P
O�6 �v�¤  in the time-domain diagram. During this period, the capacitor 

(dipole mode) in the parallel LC circuit begins to charge, whereas the inductor (slot mode) can be 
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approximated by an open circuit due to its high input impedance. Subsequently, in �è �t�¤ 
Q�î 
O�è 

corresponding to �6 �v�¤ 
O�P
O�6 �t�¤ , the capacitor (dipole mode) is discharged into the inductor 

(slot); therefore, the contribution of the slot mode exceeds the dipole mode. This cycle repeats in 

the time domain; thus, the ME-dipole-alike antenna radiates based on exchanging the EM energy 

between the slot and dipole modes. 

 

Figure 7.4 Time domain analysis of the proposed ME-dipole-alike antenna along with full-wave 
simulation results 

7.2.2 Characteristic mode analysis 

Characteristics mode (CM) has drawn considerable attention recently for the analysis, systematic 

design, and synthesis of antenna [216-225]. In this method, antenna properties such as radiation, 

bandwidth, and efficiency are characterized, evaluated, and described by specifying two prominent 

parameters, namely modal significance (MS) and characteristic angle (CA). A mode resonates 

when its �/�5��
L ���s corresponding to �%�#��
L ���s�z�r�¹. Radiation bandwidth of a resonant mode is 

defined as a frequency range in which the radiated power, is not less than a half of the power 

radiated at its resonance. In other words, the radiation bandwidth of each resonating mode 

corresponds to a frequency range with �r�ä�y�r�y
O�/�5 
Q�s and �s�u�w�¹
O�%�# 
O�t�t�w�¹ , [224, 225]. It is 

worth mentioning that non-radiating modes with �{�r�¹��
O���%�#��
O �s�z�r�¹��store magnetic energy in a 

near field of the antenna manifested as inductance in the input impedance of the antenna, while 
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non-radiating modes with �s�z�r�¹��
O���%�#��
O���t�y�r�¹ store electric energy contributing to the 

capacitance of the antenna input impedance. The MS and CA of the first ten modes of the ME-

dipole-alike antenna from 5 to 40 GHz are illustrated in Figure 7.5. Note that in this work each 

characteristic mode is represented by �ò�,�ó. According to Figure 7.5(a), J1, J2, J4, and J5 are radiating 

modes in this frequency range, while other modes have inductive or capacitive effects on input 

impedance of the antenna. Since these reactive effects have frequency-dependent behaviors, these 

modes can potentially affect the bandwidth of the antenna. According to the definition of CM 

bandwidth, these four radiating modes, particularly the first two modes (J1 and J2), which are also 

degenerate modes, are wideband and their radiation bandwidth ranging from 11 to 40 GHz.  

 

Figure 7.5 (a) Characteristic angle and (b) modal significance of the proposed ME-dipole-alike 
antenna 

For further investigation about radiation behaviour of the modes, radiation patterns and surface 

current distributions for the first four modes are depicted in Figure 7.6. As it can be seen, only the 

first two modes generate broadside radiations, and the first mode is a ME-dipole-alike mode based 

on its current distributions (containing both slot and dipole modes), which is consistent with the 

full -wave simulation results presented in Figure 7.4. It is worthwhile mentioning that J6 also has 

the same current distribution as J1, however, J6 (with CA > 180°) is not a radiating mode and it 

has a capacitive contribution to the input impedance of the antenna which restricts its bandwidth. 

In other words, although the J1 (ME-dipole-alike mode) has a broad radiation bandwidth (see 

Figure 7.5), a pure excitation of this mode is difficult as it requires a complicated feeding network; 

therefore, bandwidth of the antenna in the full-wave simulation (c.f. Figure 7.3) with a lumped port  
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Figure 7.6 Radiation patterns and modal current distributions of the first four modes of ME-
dipole-like antenna at 15GHz 

���Z�L�W�K���U�H�D�O���L�Q�S�X�W���L�P�S�H�G�D�Q�F�H���R�I���������Ÿ�����L�V���O�L�P�L�W�H�G���W�R���W�K�H���R�Q�H���R�F�W�D�Y�H�����$�V���W�K�H���Q�H�[�W���V�W�H�S���W�R�Z�D�U�G�V���U�H�D�O�L�]�L�Q�J��

a large dual-band antenna array, we place two ME-dipole-alike antennas tightly together in the H-

plane and calculated the first ten CMs, as shown in Figure 7.7.According to this analysis, J1, J2, 

J4, J5, and J8 are wideband radiating modes with frequencies ranging from 5 to 40GHz. The surface 

current distributions in Figure 7.8 show that putting these two ME-dipole-alike antennas side by 

side would generate a new set of modal surface current distributions and radiation patterns. With 

reference to Figure 7.8 , among the radiating modes, only two degenerate modes of J1 and J2 have 

broadside radiations. It is apparent that these two modes exhibit diagonal ME-dipole-alike current 

distributions, which excite both dipole and slot modes. According to Figure 7.7(a), CAs of these 

two degenerate modes are set to vary between 162° and 180° from around 11 to 40 GHz, which 

suggests a broadband radiation behaviour with more than 100% fractional bandwidth. We apply 

this new antenna for the development of a large dual-band antenna array due to its Cartesian-

symmetric structure. Since it is formed by tightly coupling two ME-dipole-alike antennas, it is 

referred to as a coupled-ME-dipole-alike (CMED) antenna from now on in this work.  
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Figure 7.7(a) Charctristic angle, (b) modal significance of the first ten modes of , and (c) the 
structure of new tightly coupled antenna with air gap between the antennas is 0.2 mm and the 

distance between the antenna and ground plane is 3.2 mm 

 

 

Figure 7.8  Radiation patterns of (J1, J2, J4, J5, and J8) and modal current distributions of the 
first eight modes of new ME-dipole-alike antenna at 20 GHz 

7.2.3 Full -wave simulations and analysis 

The excitation of J1 or J2 modes, including contributions of both electric and magnetic currents, 

requires adequate feeding network. However, effective excitation of these modes necessitates a 

complicated feeding network, which is undesirable for integration point of view. As suggested by 
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the CM analysis in Figure 7.8, instead of using two independent excitations for each ME-dipole-

alike antenna, a new ME-dipole mode can be excited in the CMED antenna by using a diagonally 

oriented lump port (interleaved excitation) as shown in Figure 7.9(a). Reflection coefficient and 

input impedance of the CMED antenna are shown in Figure 7.9(b). The frequency response of the 

input impedance for this antenna is quite resemble to that of the separated ME-dipole-alike antenna 

shown in Figure 7.3, indicating that this antenna also exhibits an MMR behaviour. The shared gain 

and impedance bandwidth is around 51%, which shows a significant reduction compared to what 

was expected from the CM analysis (c.f. Figure 7.7) with a pure excitation of J1 or J2 modes. In 

this case, with reference to Figure 7.8, diagonally oriented feeding can excite several radiating and 

non-radiating modes, potentially affects impedance matching as frequency changes, thereby 

reducing antenna bandwidth.  

 

Figure 7.9 (a) Seperated and interleaved arrangements of the ME-dipole-alike antenna, (b) 
reflection coefficient, gain, and input impedance of CMED antenna with diagnally oriented 

excitation 

Total efficiency calculated by full-wave simulation is shown in Figure 7.10 (a) which is larger than 

80%. Surface currents and radiation patterns of the antenna at 20 GHz and 30 GHz are described 

in Figure 7.10(b).  
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Figure 7.10 (a) Total effieicny of the CMED antenna and (b) surface current distributions and 
radiation patterns of the CMED antenna for two different frequencies (20 GHz and 30 GHz) 

 

7.3 Development of single-band radiating surface 

A 2×2 radiating surface is realized by a planar arrangement of four CMED antennas as shown in 

Figure 7.11(a). Spacing between CMED antennas is optimized to obtain the best impedance and 

gain bandwidth. Like the single CMED antenna in Figure 7.10(b), all antennas are excited by 

diagonally oriented ports. With reference to Figure 7.11(b), the radiating surface shows an 

impedance and gain bandwidth of more than 40% with the total efficiency of more than 80%.  

 

Figure 7.11(a) 2×2 single-band radiating surface and (b) gain and impedance bandwidth and total 
effieicny. Air gap between the CMED antennas are 0.2 mm and the distance between the aperture 

and ground plane is 3.2 mm 

The bandwidth is reduced by around 10% compared to the single element in Figure 7.9 due to 

mutual coupling. Surface current distributions along with radiation patterns of the radiating surface 

for three different frequencies are depicted in Figure 7.12. As it can be observed, the radiating 
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surface has a stable, symmetrical, and side-lobe-free radiation pattern over a wide range of 

frequency. It is worthwhile noting that the proposed CMED antenna array is referred to as 

�³�U�D�G�L�D�W�L�Q�J���V�X�U�I�D�F�H�´���L�Q���W�K�L�V���Z�R�U�N���V�L�Q�F�H���L�W���I�X�Q�G�D�P�H�Q�W�D�O�O�\���R�S�H�U�D�W�H�V���E�D�V�H�G���R�Q���W�K�H���O�R�F�D�O���H�[�F�L�W�D�W�L�R�Q���D�Q�G��

coupling of dipole and slot modes (electric and magnetic surface currents). Therefore, basically it 

does not require a ground plane for radiation. However, since the ground plane is indispensable 

part of integrated circuit-antenna design scenarios, we have considered its effects in our design and 

investigations. In addition, the ground plane improves the directivity and gain. 

 

Figure 7.12 Surface current distributions along with corresponding radiation patterns of the single 
band CMED radiating surface at three different frequencies of 23, 29, and 35 GHz 

7.4 Development of dual-band radiating surface 

In the previous section, a single-band radiating surface with CMED antenna element was 

investigated and analysed. In this section, we aim to develop a dual-band radiating surface by 

exciting at least one radiating mode over the antenna aperture in a lower frequency band (Ku/K 

band), while maintaining a high level of isolation between two frequency bands. To begin with, 

the radiating surface (c.f. Figure 7.12) is analyzed by the CM theory to obtain potential radiating  
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Figure 7.13 Modal significance and charactric mode analysis of the single band radiating surface 
(shown in Figure 7.12) 

modes. Figure 7.13 illustrates MS and CA of the radiating surface for the first ten modes. As shown, 

except J3, J6, and J7, other modes radiate between 5 to 40 GHz.  

Modal surface current distributions and radiation patterns of the first six modes are depicted in 

Figure 7.14. As it can be seen, only J1, J2, and J6 generate broadside radiation patterns among 

them, J1 and J2 are degenerate modes while J6 is not a radiating mode. To simplify the 

identification of modal currents, they are highlighted by the black and yellow arrows, in which the 

black ones denote modal currents on the surface while the yellow ones depict the modal currents 

near the slots. As it can be seen from the surface currents of J1 and J2, one dipole mode and one 

slot mode are excited on the antenna aperture (slot modes are only along the x-axis for J1 and the 

y-axis for J2). Although at least one ME-dipole-alike surface current can be excited in this radiating 

surface, the excitation of this mode requires several ports (sources) positioned accurately within 

the radiating surface to ensure that both dipole and slot modes are properly excited. This type of 

excitation not only increase the complexity of the feeding network, but also due to polarizations of 

surface currents, mutual coupling with upper-band ports [ports 1 to 4 in Figure 7.11(a)] is increased, 

which degrades both the antenna efficiency and isolation. 

Therefore, tiny perturbations in the antenna arrangement and elements sizes would modify the 

surface current distributions while keeping the CMs unchanged, as shown in Figure 7.15.  As 

shown in Figure 7.15, tiny diagonal perturbations (electrically small offsets) are introduced at ports 

2 and 3. Comparing Figure 7.15(b) with Figure 7.13 indicates that these perturbations do not alter  
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Figure 7.14 Radiation patterns and modal current distributions of the first six CM modes of the 
radiating surface at 15GHz 

 

Figure 7.15(a) Dual-band radiating surface configuration with perturbations, (b) modal 
significance and charactristic angle of the dual-band radiating surface  

results of the CM analysis while the distribution of the modal surface currents are changed as 

illustrated in Figure 7.16.  In this scenario, two degenerate modes of J1 and J2 are v- and u-polarized 

which can be selected (by choosing a proper mode) to be orthogonal to the polarizations of the 

upper-band (Figure 7.12). Therefore, the mutual couplings between ports in a dual-band operation 

would be negligible. In addition, by comparing the modal currents in Figure 7.10 and Figure 7.16, 

one can find a similarity between their current distributions. It turns out that by assigning the 

diagonally oriented ports at the middle of the radiating surface, this structure can radiate as a large 

CMED (c.f. Figure 7.10) in the lower frequency band.   
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Figure 7.16 Modal currents and radition patterns of the modifiled radiating surface at 15GHz 

 

Figure 7.17(a) Surface curent distributions of the radiating surface at 15GHz by exciting the 
lower-frequency port in a full-wave simulation. As shown, the radiating surface is polarized in u 

direction which is orthogonal to the polarization of the upper frequency band. (b) reflection 
coefficient, gain, and total efficiency 

According to Figure 7.17, a diagonally oriented (along the u-axis) excitation is assigned at the 

middle of the surface, and the full-wave simulation results are presented in Figure 7.17(b). As 
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earlier mentioned, for minimizing the mutual coupling with the upper-band (Figure 7.12), 

orthogonal polarization (u-axis) was selected in this frequency band. Simulation results indicate 

that mutual coupling between two frequency bands is better than -57 dB from 11 to 40 GHz. With 

reference to Figure 7.17(b), the total efficiency is better than 85%, and impedance and gain 

bandwidth is 50%. Radiation patterns of the radiating surface in the upper band for two different 

frequencies (16 and 24GHz) are shown in Figure 7.18. 

 

Figure 7.18 Radition patterns of the surface [Figure 7.17(a)] at 16 and 24 GHz  

 

Figure 7.19 (a) Port arragement and heatmap of the surface current distribution in the upper 
frequeny band , (b) reflection coefficient, gain, and total effieicny, (c) surface current along with 

radiation patterns at three different frequenices (25, 29, and 33 GHz)  

The effect of perturbation on the impedance matchings, gain, and total efficiency in the upper 

frequency band is investigated in Figure 7.19. Due to the perturbation (the shifts of ports 2 and 3), 

impedance matchings are changed. As a result, the impedance and gain bandwidth is reduced by 
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about 6.6% as compared to Figure 7.11. The in-band total efficiency varies from 62% to 85% in 

this frequency range. In addition, the radiation patterns at three different frequencies (25, 29, and 

33 GHz) are symmetric along the principal planes, as shown in Figure 7.19(c). Besides, effects of 

offsetting ports 2 and 3 are studied on the input impedances of all ports in Figure 7.20, providing 

essential information regarding the integration of active circuits with antenna. As shown in the 

Smith chart, the offset has capacitive effects on ports 1 and 4 while it presents an inductive effect 

on ports 2 and 3. 

 

Figure 7.20 Investigation about effects of offseting ports 2 and 3 on the input impedance of the 
radiating surface working in the upper frequeny band 

7.4.1 Parametric analysis 

Three different possible scenarios (type 1 to 3) for the arrangement of ports 1 and 4 are depicted in 

Figure 7.21along with its effects on the input impedance of ports 1 to 4 (upper band) and port 5 

(lower band). Type 1 is considered as the reference for our evaluations. By offsetting ports 1 and 

4, the input impedances at theses ports become more capacitive. As it can be seen (Figure 7.21), 

this capacitive effect is more pronounced in type 2 than type 3, while these offsets do not have 

tangible variations in impedance of ports 2 and 3. However, on port 5 (lower frequency band), 
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these offsets present an inductive behaviour in type 3, while presenting capacitive behaviour in 

type 2.  

 

Figure 7.21 Three different possible scenarios for arragements of ports 1 and 4 and their effects 
on the input impedances of all ports in both the upper and lower frequency bands 

7.4.2 Fundamental limitations on bandwidth  

Although the proposed dual-band radiating surface can provide a wide bandwidth, the bandwidth 

is primarily restricted by reactive effects of the ground plane. Generally, in a dual-wideband 

antenna with a large frequency ratio, the electrical distance between antenna aperture and ground 

plane could have different effects on both frequency bands which set to increase or decrease 

reactive part of the input impedance of the ports, subsequently causing impedance mismatches. 

Therefore, selecting the optimum antenna profile in the design stage is crucial. In this section, we 

aim at finding substantial limitations on antenna bandwidth by Bode-Fano criterion in both 

frequency bands [192, 226-228], [229-232]. A transverse equivalent network (TEN) model of the 

proposed dual-band radiating surface is shown in Figure 7.22(a). The dual-band radiating surface 
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is modeled by a three-port network which is conjugately matched to the two circuits operating at 

upper and lower frequency bands. Applying the Bode-Fano criterion for the three-port network 

requires complicated analytical procedures [227]. However, due to the polarization diversity of the 

proposed radiating surface, it radiates in two orthogonal polarizations corresponding to �L�¸�è (lower 

band) and �L�¸�é(upper band) as described in Figure 7.17(a) and Figure 7.19(c). Therefore, it provides 

a high isolation between both frequency bands (
R��
F�w�y���@�$, as mentioned earlier). As a result, the 

three-port network can be decomposed into two two-port networks associated with two single-band 

radiating surface operating in the lower and upper frequency bands. 

 

Figure 7.22 (a) Transverse equivalent network (TEN) of the propsoed dual-band radiating surface 
along with approximated frequency response of the return loss, and (b) TEN modes of the 

decomposed single-band radiating surface working in the lower and upper frequency bands with 
lossless substrates and broadside radition 

In this analysis, a maximum of one octave bandwidth, corresponding to a fractional bandwidth of 

�s �¾�t�¤  , is considered for both frequency bands. Therefore, the maximum frequency ratio of two is 

considered in our calculations [Figure 7.22(a)] between the upper and lower bands. With reference 

to Figure 7.22(a), the maximum allowable in-band return loss for both frequency bands are ���à�Å  and  

���à�Á, which are considered identical in this figure for the sake of simplicity. It is worthwhile 

mentioning that sharp edges are considered in the return loss curve in Figure 7.22(a), which is a 
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highly accurate approximation for a high-order antenna array like integrated filter-antenna. Since 

in this work we analyze a generalized case study for determining the fundamental restrictions on 

bandwidth, it can be used for deriving closed-form equations and this assumption does not affect 

our conclusion. Since we consider a maximum of one octave bandwidth for both bands and a 

maximum frequency ratio of two between two bands, the antenna profile is considered between 

�r�ä�s�t�w�ã�Ú�Å and �r�ä�t�w�ã�Ú�Å for the lower band, and �r�ä�t�w�ã�Ú�Á and �r�ä�w�ã�Ú�Á for the upper band. It is 

worthwhile mentioning that for���D �ã�Ú�Å�¤ 
Q�s�r (with �ã�Ú�Å is the largest guided wavelength in the 

lower band) a virtual short-circuit happens in the lower band, while for �D �ã�Ú�Á�¤ 
P �t (with �ã�Ú�Á is the 

smallest guided wavelength in the upper band) a Fabry-Perot cavity between radiating surface 

[acting as a partially reflecting surface (PRS)] and ground plane is formed in the upper bands. In 

the latter case and according to the planar leaky-wave theory [8],[28], antenna experiences a deep 

(in-band) gain loss before and after the cavity resonance while it presents a highly directive 

radiation pattern at the cavity resonance. Therefore, the in-band gain-profile of the antenna would 

experience sever variations as frequency changes, limiting the gain bandwidth.  Considering these 

criteria, the fundamental limitations of bandwidth for upper and lower frequency bands for lossless 

substrate, and broadside radiation are obtained according to (7.1) and (7.2), respectively (the 

derivations of (7.1) and (7.2) are provided in Appendix B) 
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(7.2) 

where �$�9�Á and �$�9�Å are fractional bandwidths of the radiating surface, and �B�4�Á and �B�4�Å are center 

frequencies in the upper and the lower band, respectively, �0r and ��r are relative permittivity and 
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permeability of substrate, ��0 is the characteristic impedance of air, c is the light speed, and h is the 

total antenna profile. According to (7.1) and (7.2), it is worth noting that in both frequency bands, 

increasing the relative permittivity of the substrate results in reduction of bandwidth while with 

concurrent increase of both permeability and permittivity, the bandwidth remains unchanged [91]. 

In addition, the maximum achievable bandwidth in this radiating surface is principally determined 

by the maximum allowable in-band return loss (���à�Å  and  ���à�Á) which depends on the impedance 

matching conditions with active circuits in an integrated circuit-antenna scenario. 

7.4.3 Large dual-band radiating surface 

 

Figure 7.23 (a) A large dual-band radiating surface including 4×4 elements operating at the upper 
frequency band and 2×2 elements working at the lower frequency band along with surface 

current distrubutions and radition patterns at two frequencies (18 and 30 GHz); (b) reflection 
coefficient and gain versus frequency in both frequency bands 

The proposed dual-band radiating surface architecture can be used for the development of a larger 

structure as shown in Figure 7.23(a). The larger radiating surface contains 4×4 radiating elements 

operating in the upper frequency band, polarized along the v-axis and 2×2 radiating elements 

working in the lower frequency band, polarized along the u-axis. Reflection coefficient and gain in 

both frequency bands are depicted in Figure 7.23(b). The gain and impedance bandwidth in the 
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lower frequency band is around 50% while for the upper frequency band is around 43%. Peak 

realized gain in the lower and upper frequency bands are about 12.9 dBi and 16.4 dBi, respectively. 

7.5 Dual-band radiating surface structure with feeding network 

In this section, we aim at developing an experimental prototype for the validation of the proposed 

concept, which is based on the interleaving of electric and magnetic currents in a common aperture. 

In this connection, a dual-band prototype is realized in Ku- and Ka-bands with a frequency ratio of 

two. Feeding networks are designed to excite the proposed dual-band radiating surface in both Ku 

and Ka-bands. Various views of the simulated and fabricated structure are detailed in Figure 7.24. 

Cost-effective multi-layer PCB process was used to develop the prototype. Two sets of 

orthogonally positioned probes (strips), oriented to u-axis and v-axis, which are 

electromagnetically coupled to the suspended radiating surface, are set to excite the interleaved. 

 

Figure 7.24 Complete struture and fabricated prototype including different views. L1 = 53.22, W1 

= 48, Wc = 4.3, Lc = 10, Wm = 5, La = 8.57, Wa = 8.57, Ws = 3.85, L2 = 24.8, W2 = 11 (all 
dimensions are in milimeter) 

electric and magnetic currents in both frequency bands. In the Ku-band, due to mutual coupling, 

the whole surface operates as a single element, while in the Ka-band the surface radiates as a 2×2 

array. To enhance the port-to-port isolation level, the lower band and the upper band feeds are 

implemented on both side of the ground plane. In addition, two SIW-based cavities were designed 
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to operate at TE120 mode for enhancing isolation levels between ports also transferring the signal 

from the upper layer to lower layer. To eliminate devastating effects of surface waves, unused 

regions on the substrates are covered with metallic layer then surrounded by SIW-like walls to 

avoid the excitation of a parallel plate mode as well. Rogers RT/Duroid 5880 substrate with 

different thickness of (from the topmost to the bottommost layer) 10, 50, 31, 62, and 20 mils have 

been used. All layers were glued using Epoxy and then heated and pressed under a high pressure 

to create uniform connection between layers, according to the PCB fabrication process in our Poly-

Grames Research Center. Conductive adhesive was employed for making electrical connection 

between two adjacent ground planes in the bottom layers. Simulated and measured reflection 

coefficients, gains, and mutual couplings for both frequency bands are shown in Figure 7.25. 

 

Figure 7.25 Simulated and measured reflection coefficients, mutual couplings, and gains of the 
proposed prototype: (a) Ku-band and (b) Ka-band 

 Simulated and measured peak gains in Ku-band are around 7 dBi and 6.83 dBi, respectively, while 

these values in Ka-band are 9.75 dBi and 9.55 dBi, respectively. Simulated impedance and gain 

bandwidths in Ku-band are around 42.6% and 40%, respectively, while both values in the 

measurements are around 41.9%. Simulated impedance and gain bandwidth in Ka-band is around 

24% and 20%, respectively, and 29% and 16.32%, for measurements. Additional resonances are 
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observed around 20 GHz and 30 GHz in the measured reflection coefficient, which may be 

attributed to errors in the fabrication process and parasitic effects of the connectors. Peak aperture 

efficiencies in Ku- and Ka-band are around 88% and 39.8%, respectively. Since the Ka-band four 

radiating elements are arranged in a planar manner and in a close proximity, the footprint of the 

array is reduced, and according to the antenna array theory, the total realized array directivity and 

aperture efficiency are reduced. In this case, using an antenna element with higher directivity while 

occupying less real-estate would increase the aperture efficiency of the array. Due to efficient reuse 

of the radiating surface in both frequency bands, the aperture-reused efficiency of this proposed 

radiating surface is 100%. 

The maximum measured and simulated mutual couplings in Ku-band are -33 dB and -47 dB while 

for Ka-band are -31.44 dB and -22 dB, as shown in Figure 7.25. Radiation patterns for both 

frequency bands were measured in our Poly-Grames far-field anechoic chamber and compared 

with simulated results in Figure 7.26 at different frequencies. Due to some parasitic radiations from 

metalized vias as well as coupling apertures (slots) of cavities (c.f. Figure 7.24), also diffractions 

of surface waves from the substrate edges, some nulls are observed in both simulated and measured 

patterns in Ka-band particularly at 32 GHz and 34 GHz. In additions, due to diffractions from the 

end-launch connector in Ku-band, some tangible deflections in the radiation patterns are observed 

in our measurements, since the size of the substrates and ground plane in this frequency band is 

electrically smaller than that in Ka-band. To evaluate the gains, standard gain horn (SGH) antennas 

NSI-MI technologies (MI-12A-26) and double-ridged guide antenna ESCO technologies (EMCO 

3160-8) were employed for Ka-band and Ku-band, respectively. To highlight the advantages of the 

proposed dual-band structure, a comparative table (Table 7.1) is provided. As it can be seen, the 

proposed radiating surface outperforms other published works judging from the combination of 

aperture-reused efficiency, impedance and gain bandwidth, isolation, and integration with active 

circuits.  

7.6 Conclusion 

A concept based on the multi-mode resonance of a coupled electric and magnetic current (dipole-

slot antenna) was proposed in this work for the development of a space-efficient, dual-wideband 

aperture-shared radiating surface. First of all, we investigated and elaborated the multi-mode 

resonance of the coupled slot-dipole antenna (ME-dipole-alike) by developing ECM and analyzed 
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in both frequency and time domain, and then characteristic mode analysis was deployed to extract 

potential radiating modes over the desired frequency range. Subsequently, a space-efficient dual-

band radiating surface was developed based on the interleaving of the magnetic and electric surface 

currents in two orthogonal polarizations. The Bode-�)�D�Q�R�¶�V���F�U�L�W�H�U�L�R�Q���Z�D�V���W�K�H�Q���G�H�S�O�R�\�H�G���W�R���H�Y�D�O�X�D�W�H��

the fundamental limitations on antenna bandwidth in both bands. Finally, an experimental 

prototype was fabricated using a low-cost multi-layer PCB process, and simulation outcomes were 

compared with measurements results. We believe that the proposed radiating surface can 

effectively be employed in integrated front-end modules as well as spatial power combining 

systems. 

 
 

Figure 7.26 Simulated and measured radiation patterns: (a) Ku-band and (b) Ka-band  
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Table 7.1 Comparison of the proposed and reference antenna arrays 

Ref. 
Frequency 

bands 

Peak gain 

(dBi) 

Impedance 

bandwidth 

(%)  

Gain 

bandwidth 

(%)  

Peak 

aperture 

efficiency 

(%)  

Integrable 

with 

circuit  

Isolation 

(dB) 

Aperture 

reuse 

efficiency 

(%)  

[8] S/Ka 5.62/9.6 3.12/9.6 ~3/~3 -/43 Yes - 100 

[5] S/Ka 10.4/14.6 23.45/9.7 35/9.76 61/15 No -/21.5 - 

[6] S/Ka 6.9/13.6 7.4/12.1 - - No 45/40 - 

[22] S/V 7.3/24 5.3/6.4 - - No 130/65 77 

[25] 

Ka 

(28 & 38 

GHz) 

14.7/14.5 15.65/16.7 - - Yes 20/20 - 

[39] S/Ka 8/15 3.2/2 - - No 38/25 - 

This 

work 

Ku 6.83 41.9 41.9 88 

Yes 

33 

100 

Ka 9.55 29 16.32 39.8 31.4 
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CHAPTER 8  ARTICLE 6:  FREQUENCY-DIVERSIFIED SPACE -

EFFICIENT RADIATING SURFACE USING CONVOLVED 

ELECTRIC AND MAGNETIC CURRENTS FOR HIGHLY 

DENSE MULTIBAND ANTENNA -FRONTEND INTEGRATION  

Amirhossein Askarian, Pascal Burasa, and Ke Wu 

Submitted to the IEEE Transactions on Antennas and Propagation, March 27, 2023. 

 

Highly dense multi-wideband antenna-frontend integration is essential for the development of 

space-efficient multifunctional wireless systems. In this work, we propose and investigate a 

methodology based on convolved electric and magnetic currents for the generation of multi-band 

responses over a space-shared radiating surface. First, a single wideband antenna operating based 

on interleaved dipole and slot modes is studied and analyzed using full-wave simulations followed 

by a qualitative time domain analysis. Then, a parametric analysis is performed to investigate the 

variation of input impedances with respect to physical dimensions for deep integration of active 

circuits with antennas. Subsequently, a dual-band radiating unit is conceived and realized by 2×2 

closely arranged antennas. In this case, multimode resonances are generated in the lower frequency 

band by a proper convolving and coupling of the magnetic and electric currents realized in the gaps 

between the antennas and on the surface of the antennas, which are electromagnetically (EM) 

interconnected through mutual couplings, respectively. This methodology can be deployed 

repeatedly to build up a self-scalable topology by reusing the EM-connected radiating surfaces and 

gaps between the radiating units. Thanks to the efficient reuse of the real-estate for the development 

of multiband radiations, a high aperture-reused efficiency is accomplished. Finally, as a proof of 

concept, a space-efficient 2×4 dual-band array operating in Ku- and Ka-bands is developed and 

fabricated by a linear arrangement of the two developed radiating units. Our measurement results 

show that the proposed antenna array provides impedance and gain bandwidths of 30% and 25.4% 

in Ku-band and 10.65% and 8.52% in Ka-band, respectively. 

 



155 
 

8.1 Introduction  

The progress of wireless technology over the past decades has fundamentally been fueled by an 

ever-increasing demand for efficient communication links related to our constantly changing 

information era. This moving forward is set to revolutionize the next generation technology not 

only for data communication but also for parametric sensing and wireless powering [2, 206]. This 

has undoubtedly sparked the curiosity in the R&D community towards the development of 

multifunction frontends [14, 207]. Among such newly emerging 5G and 6G wireless joint 

communication and sensing technologies as analogue radio-over-fiber (ARoF) systems, the 

development of multifunction systems with the virtue of gigabit throughput and multispectral 

sensing based on frequency-diversity is of crucial advantage. A successful implementation of those 

frontends requires cutting-edge techniques to address different technological issues in both 

microwave and millimeter-wave (mmW) bands. To realize multifunction wireless systems, space-

efficient multi-band antenna solutions featuring high-gain, low-complex, and easy to in-situ 

integration with active circuits are incontestably essential. Multi-band antenna array 

simultaneously operating in both the microwave and mmW bands have been extensively 

investigated and reported in the literature [208],[8],[4], [23], [6], [22], [25], [26], [27], [32], [33], 

[34], [35], [36],[38],[39],[40],[41],[42],[92],[76],[70],[62],[37].  

Yet, the development of a space-efficient multiband antenna array for such highly integrated 

multifunction frontends, presents a fundamental challenge which still requires more exploration. 

Aperture-shared technique, which makes use of a common radiating surface for the development 

of multiband antenna array, offers a promising methodology to address the requirements of such 

space- and power-efficient antenna-frontend integration. So far, a majority of published works on 

dual-band, particularly tri-band aperture-shared antennas [37, 70], have been generally based on 

stacking multilayers or interleaving topologies of different types of antenna elements in a single 

layer and using complex feeding networks, which not only incur unnecessary fabrication costs but 

also makes the cohabitation of active circuits and antennas practically impossible.  Numerous 

practical techniques have been suggested in open literature for realizing planar dual band aperture-

shared antenna array, such as patch and DRA antennas [23], segmented patch antenna [6], SIW 

cavity-based slot antenna array [22, 26], grid array [25], Fabry-Perot cavity [32], [34], [35], [36], 

[38], [39], [37], Fabry-Perot cavity and Fresnel zone plate [33], metasurface [40-42], multimode 

resonance slot [92], perforated patch antenna array [4, 62] , etc. However, they still exhibit 
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relatively low impedance and gain bandwidth despite the use of low permittivity materials. 

Therefore, a methodology based on using high-�� materials for the development of multiband 

antenna arrays that can also present both reasonable gain and impedance bandwidth remains an 

unsolved challenge despite its practical and technological significance. The ME-dipole antennas 

which have also been known as complementary-source antennas are popular for offering broad 

impedance and gain bandwidth, low cross-polarization, and high radiation and aperture efficiency 

[67], [212], [210], [233], [211], [7], [79]. A half-wavelength dipole and a quarter-wavelength patch 

antenna were utilized in a conventional manner to serve as electric and magnetic currents, 

respectively [177]. So far, there is still a crucial need to adopt the ME-dipole concept for the 

development of a planar multiband radiating surface featuring broad bandwidth, space efficiency, 

ease of cohabitation with active circuits.  

On the other hand, a seamless integration of antenna with active circuits in a highly integrated 

frontend module, is of practical and technological importance, as this scheme is set to eliminate the 

need for bonding wires and their associated parasitic effects, excessive losses, and costs. In this 

case, the antenna array is implemented in an identical fabrication process as the active elements. 

In this connection, the antenna array should be implemented in a high-�� material such Si, SiGe etc. 

which severely degrades the antenna array performances due to adverse affects of surface waves 

and associated mutual couplings [28, 90, 234]. In addition, it is worth mentioning that in a 

conventional antenna array design as permittivity (or permeability) increases, the physical size of 

antenna decreases while the inter-element spacing remains constant (to avoid increasing mutual 

coupling caused by space waves), resulting in the excitation of higher-order surface wave modes. 

Indeed, there is a crucial need for the development of multi-band antenna array with not only the 

above-mentioned features, but also the ability to suppress surface waves on the aperture without 

adding any potential complexity to the antenna structure. 

In this work, a topological and scalable multiband radiating surface operating based on convolved 

electric and magnetic surface currents, resulting in broad impedance and gain bandwidth, is 

proposed, investigated, and demonstrated. Owing to an efficient reuse of the antenna aperture in 

all frequency bands of interest, the proposed radiating surface features highly aperture-reused 

efficiency. This aperture-reused efficient radiating surface is an appropriate candidate for seamless 

antenna-frontend integration (unified circuit-antenna) design scenarios [234]. Thanks to the 

boundary condition realized by a tight arrangement of metallic radiating elements, surface waves 
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are weakly excited (or not excited) on the antenna aperture. With a planarized structure of the 

proposed radiating surface, a technique based on the use of both low permittivity and high 

permittivity (high-�������V�X�E�V�W�U�D�W�H�V���L�V���D�G�R�S�W�H�G���L�Q���W�K�H���S�U�R�S�R�V�H�G���D�U�F�K�L�W�H�F�W�X�U�H���W�R���W�D�N�H���D�G�Y�D�Q�W�D�J�H�V���R�I���X�V�L�Q�J��

both low and high permittivity materials for radiation and integration purposes, respectively. In 

fact, this heterogeneous architecture is compatible with cost-effective, yet mature fabrication 

processes like CMOS process. Then, as a proof of concept, we devise a dual-band radiating unit as 

the fundamental building block of the proposed topological radiating surface. The simulation and 

measurement results suggest the practical feasibility and confirm the efficient reuse of space for 

the development of a frequency-diversity radiating surface, while maintaining reliable radiation 

performances and coherent beam directions.  

This paper is organized as follows. In section 8.2, we introduce and study the proposed topological 

multiband radiating surface concept along with its potential challenges. In section 8.3, the antenna 

element operating based on convolved electric and magnetic currents is thoroughly analyzed. A 

parametric analysis is then conducted for a further investigation about the feasibility of cohabitation 

of active circuits antenna. In section 8.4, the dual-band radiating unit is developed and studied in 

both lower and upper frequency bands. section 8.5 presents the structure of the developed dual-

band antenna array in both Ku-band and Ka-band along with full-wave simulation and 

measurement results. A table of comparison is also provided to highlight the performances of the 

proposed structure with the published results. 

8.2 General topology and concept 

The general concept and topology of the proposed multiband radiating surface is shown in Figure 

8.1(a). The topology makes use of both electric and magnetic surface currents, which respectively 

correspond to dipole and slot modes, in three different polarizations convolved together to generate 

three radiating modes (fH, fM, and fL). Although the presented topology generates three radiating 

modes, it could theoretically be extended to the scenario of a multimode radiating surface operating 

at several radiating modes. As suggested by the surface currents distributions in Figure 8.1(b)-(d), 

individual �U
Ü-polarized antenna (radiating element with �L�¸�ì �� polarization) radiates at the highest 

frequency band (�ûfH), the 2×2 arrangement of four radiating elements (an array of 2×2) with 

polarization toward v-axis (�L�¸�é) works at the middle frequency band (�ûfM) , and the entire radiating 

surface that is polarized along the u-axis (�L�¸�è) operates at the lowest frequency bands (�ûfL). By 
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opting proper edge gaps between each antenna as well as groups of antennas (c.f. Figure 8.1), the 

radiating surface can operate locally in the upper frequency band while as frequency decreases, the 

antennas or groups of antennas are virtually merged and recast by mutual coupling, leading to a 

larger radiating surface which operates at the lower frequency bands. In the proposed topology 

shown in Figure 8.1, lump ports with proper orientations have been deployed to excite the three 

modes on the surface while generally each radiating section can be driven by integrated frontend 

active components. 

 

Figure 8.1(a) General demonstration of the proposed topology and concept for generating three 
radiating modes, (b)-(d) full-wave simulation results including surface current distributions, 

reflection coefficient, and realized gain in different frequency bands 

The proposed topological radiating surface operates based on a local excitation of slot and dipole 

modes; therefore, it basically does not require a ground plane for radiation. As a result, the proposed 

�W�R�S�R�O�R�J�L�F�D�O�� �D�Q�W�H�Q�Q�D�� �L�V�� �U�H�I�H�U�U�H�G�� �W�R���D�V�� �D�� �³�U�D�G�L�D�W�L�Q�J�� �V�X�U�I�D�F�H�´�� �W�K�U�R�X�J�K�R�X�W���W�K�H�� �S�D�S�H�U���� �6�L�Q�F�H�� �D�� �J�U�R�X�Q�G��

plane is indispensable part of an integrated circuit-antenna design scenario, we consider its effects 

in our investigation. Although the proposed topological antenna array can theoretically be extended 

to operate in several frequency bands (a multiband radiating surface), the ground plane could 

potentially restrict the number of frequency bands as well as the achievable frequency ratio between 

bands. In this case, based on the ratio of frequency bands, the ground plane can have either 

capacitive or inductive effect on the input impedance of excitation sources.  In the proposed 

topological radiating surface, the minimum distance between the ground plane and the radiating 
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surface should be selected larger than  �ã�Ú�Å �s�r�¤  , [ �ã�Ú�Å is the maximum guided wavelength at the 

lowest frequency band (�ûfL)] to avoid sever gain loss due to virtual short circuit. In addition, it 

should be smaller than �ã�Ú�Á �t�¤ , [ �ã�Ú�Á is the minimum guided wavelength at the upper frequency 

band (�ûfH)] to prevent the structure from the formation of a Fabry-Perot cavity between the 

radiating surface [acts as a partially reflecting surface (PRS)] and the ground plane. In the latter 

case and according to the planar leaky-wave theory [8, 28],  the gain profile experiences a deep 

null just before and after the cavity resonance while it shows a crest (highly directive radiation 

pattern) corresponding to the cavity resonance. As a result, the in-band gain profile has severe 

fluctuations as frequency changes, which reduce the gain bandwidth.  In the next sections, the 

principle of a dual-band radiating surface, as the fundamental building block of the proposed 

topological radiating surface, is investigated. To begin with, the antenna working at the highest 

frequency band is analyzed, then it is shown that how tightly arrangement of four antennas as a 

group of 2×2 can radiate in the lower frequency band based on convolving magnetic and electric 

surface currents. 

8.3 Fundamentals of radiating element 

Figure 8.2 shows the antenna geometry along with reflection coefficient, gain profile, and radiation 

patterns at several frequencies ranging from 25 to 50 GHz. The antenna contains two parasitic 

elements as well as two driven parts which are excited along the �U-axis at the antenna center by a 

lumped port in the CST Microwave Studio and the antenna is placed at the distance of 2.7 mm 

above the ground plane. As indicated in Figure 8.2(c), an impedance and gain bandwidth as wide 

as 52.6% is achieved by the coupling of dipole and slot modes (magnetic and electric currents, 

respectively) to generate a multimode resonance (MMR) behavior, as depicted in the input 

impedance diagram. Although the slot and dipole modes are generally coupled and convolved, 

individual contribution of each mode can be investigated, as shown in Figure 8.3.  In �r 
Q���î 
O

�è �t�¤  through a frequency-domain analysis, corresponding to �r 
Q���P
O�6 �v�¤  with a time-domain 

analysis (�î 
L �ñ�P�;, the antenna radiates based on the two diagonally oriented slots or equivalently 

magnetic currents along with the u-axis and v-axis in which �/�,�,�&�é 
L���/�,�,�&�ì 
F �/�,�,�&�ë, and �/�,�,�&�è 
L���/�,�,�&�ë 
E�/�,�,�&�ì . 

For �è �t�¤ 
Q���î 
O�è  corresponding to �6 �v�¤ 
Q���P
O�6 �t�¤  in a time-domain analysis, the contribution 

of dipole mode outweighs that of the slot mode and antenna radiates as �Q and �R-polarized electric 

surface currents in which �,�&�é 
L���,�&�ì 
F �,�&�ë, and �,�&�è 
L���,�&�ë 
E�,�&�ì . 
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Figure 8.2 (a) Geometry of the proposed antenna based on coupled electric and magntic surface 
currents, L1=W1=4.2, L2=1.5, W2=0.26, L3=2.4, W3=0.05, L4 = 0.75 (all dimensions are in 
millimeter) (b) radiation patterns of antenna in several frequency bands, and (c) refelection 

coefficienct, gain profile, and input impedance of antenna 

As a result, two sets of coupled and interleaved magnetic and electric currents 


[
k�,�&�ë�á�/�,�,�&�ì 
o�á
k�,�&�ì �á�/�,�,�&�ë
o
_���F�R�Q�W�U�L�E�X�W�H���W�R���W�K�H���D�Q�W�H�Q�Q�D�¶�V���R�S�H�U�D�W�L�R�Q�V�����,�Q���W�K�H���S�U�R�S�R�V�H�G��antenna with coupled 

slot and dipole modes, the effective electrical size of the dipole and slot modes is somewhat larger 

than the resonance length; therefore, the input impedance of the individual dipole mode is inductive 

while it is capacitive for the slot mode.  

 

Figure 8.3 Surface curents on the proposed ME-dipole-alike antenna in (a) slot mode and (b) 
dipole mode, and (c) illustration of convolved electric and magnetic surface currents  

Therefore, from the perspective of the equivalent circuit model (ECM), this antenna can be 

represented as a parallel combination of a capacitance and an inductor which are connected to an 
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AC source. As a result, the capacitor and inductor are periodically charged and discharged on 

different time slots.  According to the ECM and electrical circuit theory, during �r 
Q���P
O�6 �v�¤ , 

capacitor (i.e., slot mode) is charged and then in �6 �v�¤ 
Q���P
O�6 �t�¤ �� capacitor is discharged while 

concurrently the current of the inductor (dipole mode) is increased. Therefore, it turns out that in 

the first time slot, the proposed antenna mainly operates based on the slot mode while in the second 

time slot, the dipole mode is the dominant mode of radiation. As such, the antenna operates based 

on exchanging energy between slot and dipole modes. In this scenario, since both slot and dipole 

modes contribute to the operation of the antenna, this antenna radiates based on the ME-dipole 

concept and is called the ME-dipole-alike antenna throughout this paper. With reference to Figure 

8.2(c), the realized gain of the ME-dipole-alike antenna experiences a steep reduction at the end of 

the band which can be explained by examining the surface current distributions along with 3D 

radiation patterns in different frequency bands, as shown in Figure 8.4. At 30 GHz, the antenna 

radiates based on the contributions of both u and v-directed magnetic and electric currents over the 

antenna surface. In this case, the antenna primarily radiates based on the contributions of the 

surface currents around the crossed-slots as well as two currents induced at the left and right ends 

of the parasitic parts along the �U-axis.  

 

Figure 8.4 Distribution of surface current along with radition patterns at four frequencies (30,40, 
50, and 55GHz) 

However, at frequencies above 40 GHz, a new set of surface currents (marked with red color) along 

the �T-axis are emerged on the top and bottom of the driven parts which are out-of-phase along both 

�T and �U-axis and as frequency increases, their contributions to the total surface currents are also 
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increased. These surface currents are in-phase along the u and v-axis, however, their total 

contribution to the radiation pattern at the broadside is out-of-phase, leading to the formation of a 

null at the broadside. Consequently, the gain profile in Figure 8.2(c) experiences a significant 

reduction for frequencies above 45GHz. 

8.3.1 Parametric analysis 

Parametric analysis of some pivotal parts of the antenna provides more insights into the principle 

of operation of the antenna. In this analysis, the variations of input impedance with respect to the 

changing of some crucial parameters, which is of importance for direct integration of the antenna 

with active circuits, are investigated. Figure 8.5depicts the profile of real and imaginary parts of 

the input impedance with respect to the variations of W2 [W2 in Figure 8.2(a)]. In this case, the 

length of the electric current [c.f. Figure 8.3(b)] is changed, which, in turn, modifies the reactive 

effects (capacitive or inductive effects) of the impedance for the dipole mode. As a result, the 

coupling between the slot and dipole modes is switched between under coupled (with W2 = 1mm), 

coupled (with W2 = 1.4 and 1.6mm), and over coupled (with W2 = 1.8mm) resonance conditions 

in the proposed ME-dipole-alike antenna.  

 

Figure 8.5 Parametric analysis of W2 and its effects on the input impedance of antenna 

In Figure 8.6, feeding position is swept along the vertical direction by changing of �Â�2. 

Consequently, the real part of the input impedance is swept over a wide frequency range while the 

imaginary part remains almost unchanged. This parameter would be crucial for integration as it 

provides an independent control on the real part of impedance.  
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Figure 8.6 Parametric analysis of �ûP and its effects on the input impedance of antenna 

Figure 8.7 provides a parametric analysis of several parameters and their effects on the input 

impedance of the ME-dipole-alike antenna. As it can be seen, changing both vertical and horizontal 

gaps in  

 

Figure 8.7 Variations of several critical parameters in antenna and their effects on the input 
impedance of antenna over a wide range of frequency  

Figure 8.7(b) and (c) mainly affect the imaginary part of the impedance while the real part is almost 

kept unchanged over a wide frequency range. These two parameters are pivotal for directed 

conjugate matching between the antenna and active components without using a matching network. 
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8.4 Dual-band radiating unit  

8.4.1 Lower frequency band 

A dual-band radiating unit is realized by a 2×2 arrangement of the four ME-dipole-alike antennas 

in a close proximity to make up a larger radiating surface in the lower frequency band, as shown 

in Figure 8.8. In this scenario, a diagonally oriented excitation (port 5, along the v-axis) can excite 

both electric surface current (along the x- and v-axis) on the antenna surface and magnetic surface 

�F�X�U�U�H�Q�W�V���L�Q���W�K�H���V�O�R�W�V���>���³�J�D�S�´���E�H�W�Z�H�H�Q���W�K�H���D�Q�W�H�Q�Q�D�V���D�O�R�Q�J��x- and y-axis, c.f. Figure 8.8(a)].  

 

 

Figure 8.8 (a) Dual-band radiating unit realized by 2×2 arrangement of the four ME-dipole-alike 
antennas along with distribution of surface currents for both dipole and slot modes in the lower 
frequency band, and (b) reflection coefficient, gain, and radiation patterns at four frequencies 

(15,18,21,23 GHz) in the lower frequency band 
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Similar to the ME-dipole-alike antenna, this structure also operates based on the convolving of two 

sets of magnetic and electric surface currents 
[
k�,�&�ë�á�/�,�,�&�ì 
o�á
k�,�&�ì �á�/�,�,�&�ë
o
_ , as demonstrated in Figure 

8.8(a). By optimizing the dimensions as well as the gap between the antennas, a new set of slot and 

dipole mode is coupled which results in a multi-mode resonance behavior, wide impedance and 

gain bandwidth, and symmetric radiation patterns over a wide range of frequency, as depicted in 

Figure 8.8(b). The maximum realized gain is around 6.5 dBi at 18 GHz while it is reduced as 

frequency decreases (due to small electrical distance between the radiating surface and the ground 

plane). Moreover, the gain is decreased at the upper end of the frequency band due to the formation 

of side lobes, as illustrated in Figure 8.8(b). 

Parametric analysis of the inter-element gap [c.f. Figure 8.8(a)] on the antenna operations is 

investigated in Figure 8.9. Smith chart diagram is used as it is more informative for illustrating the 

coupling between the slot and dipole modes. With reference to Figure 8.9(a), as the gap width is 

increased, the ring in the Smith chart, indicating the coupling between the slot and dipole modes, 

gradually becomes larger, indicating a looser coupling between the dipole and slot modes. On the 

contrary, the coupling between the slot and dipole modes (or magnetic and electric currents) is 

tighter as the gap width is decreased. Considering normalized input impedance of the antenna as 

�<�§�Ü�á
L �4
$
E�F�:
$ and with reference to its trajectory on the Smith chart, as the gap with is increased, 

both �4
$ and �:
$ are increased, as is highlighted in Figure 8.9(a) by the yellow arrow. It turns out that 

as the gap is increased in a specific range, not only the input impedance becomes more inductive 

but also radiation resistance and consequently the antenna gain are increased. It is verified by full-

wave simulations in Figure 8.9(b) as the gain is increased with larger value of the gap width.   In 

other words, in the over-coupled dipole-slot scenario (�B�×�Ü�ã�â�ß�Ø
N�B�æ�ß�â�ç), which is realized with 

smaller gap width, the antenna operates almost as a single resonator (dipole mode), as a result the 

peak gain and gain bandwidth are decreased.  

This analysis shows how properly coupled magnetic and electric currents can enhance radiation 

properties of the antenna. It is worth mentioning that as the impedance matching and eventually 

impedance bandwidth (�8�5�9�4
Q�t�; highly depend on the reference impedance (the source 

impedance at port 5 which is �4�æ
L �s�w�r�À ), the impedance bandwidth highly depends on the value 

of source impedance. Therefore, it can decrease or increase with respect to the variations of the gap 

width. This analysis clearly shows the effects of the gap between the antennas on formation and 
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coupling of the dipole and slot resonance modes as well as its effects on the radiation performance 

in the lower frequency band.  

8.4.2 Upper frequency band 

In the upper frequency band, the ME-dipole-alike antennas are excited individually by ports 1 to 4 

along the �U-axis, as shown in Figure 8.10(a). Due to the multi-mode resonance behavior of the 

coupled electric (mostly along the y-axis) and magnetic currents (along u and v-axis), a wide 

impedance and gain bandwidth with stable radiation patterns is realized, as depicted in Figure 

8.10(a)-(b). With reference to Figure 8.10(b), side lobes are formed at frequencies above 37 GHz, 

and these unwanted radiations cause gain loss at the broadside at frequencies above 45 GHz. Since 

in the lower frequency band, radiations are based on magnetic and electric currents along the 

direction of (�T
Ü�á�U
Ü) and �:�T
Ü�á�R
Ü�;, respectively while in the upper frequency band, they are along the �U
Ü 

and���:�Q
Ü���á�R
Ü�;�� axis, the dual band radiating surface basically operates based on convolving magnetic 

and electric currents oriented in different directions, as summarized in Table 8.1. 

 

Figure 8.9 . Effects of different gap width (50,120,170, and 300 um) on antenna performances in 
the lower frequency band  

With reference to Figure 8.10(b), over a wide range of frequency (except at the end of the band) 

radiation patterns of the antenna feature almost symmetric and side-lobe free which is due to 

uniform distributions of elect�U�R�P�D�J�Q�H�W�L�F�����(�0�����I�L�H�O�G���R�Y�H�U���W�K�H���D�Q�W�H�Q�Q�D�¶�V���D�S�H�U�W�X�U�H�����7�K�D�Q�N�V���W�R���G�H�V�L�J�Q��

�I�O�H�[�L�E�L�O�L�W�\�� �L�Q���W�K�H���D�Q�W�H�Q�Q�D�¶�V���V�W�U�X�F�W�X�U�H���� �D�V���V�X�J�J�H�V�W�H�G���E�\�� �W�K�H���S�D�U�D�P�H�W�U�L�F���D�Q�D�O�\�V�L�V���� �W�K�H���D�Q�W�H�Q�Q�D���R�I�I�H�U�V��

tunable input impedance in terms of reactance and resistance parts, which makes it suitable for 

direct integration with active components. 
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Table 8.1 Directions of electric and magnetic surface currents in the dual-band unit  

Frequency band 

                            Sources 
Electric current ( �v�;�,�,�,�& Magnetic current (�y �;�,�,�,�,�,�& 

Polarization in lower band �T
Ü�á�R
Ü �T
Ü , �U
Ü 

Polarization in upper band �U
Ü  �Q
Ü , �R
Ü 

 

 

Figure 8.10. (a) Dual-band radiating unit realized by 2×2 arrangement of four ME-dipole-alike 
antennas along with distribution of surface currents for both dipole and slot modes in the upper 

frequency band, and (b) reflection coefficient, gain, and radiation patterns in the lower frequency 
band 

Note that, the reactance part can be also tuned, to some extent, by altering distance between the 

radiating unit and the ground plane (i.e., antenna profile). Depending on frequency ratio between 

bands, this reactive contribution could be coherent (capacitive/capacitive or inductive/inductive)  
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or incoherent (capacitive/inductive or inductive /capacitive) in the lower and upper frequency band. 

It is worth mentioning that the variation of the inter-element gap (c.f. Figure 8.8) shows negligible 

effects on the upper frequency band; therefore, we do not consider it for the sake of brevity.   

8.5 Prototyping of dual-band radiating surface 

With reference to Figure 8.1, a 2×2 arrangement of the developed dual-band radiating surface (c.f. 

Figure 8.8 and Figure 8.10), a larger radiating surface is realized, which can operate in three 

frequency bands. However, in this section a 2×1 array arrangement of the radiating unit 

(corresponding to 2×4 array of the ME-dipole-alike antenna) operating at Ku and Ka-band is 

designed and fabricated in this work as a proof of concept.  The different views of the proposed 

five-layer antenna are provided in Figure 8.11.  

 

Figure 8.11 Different views of the developed prototype along with some main dimensions 
(L1=38.8, W1=31.65, L2=24.8, W2=15.5, L3=18, W3=8.7, g1=0.6, g2=0.3, g3=0.3, L4=4.2, W4= 

4.2, all dimensions are in millimeters) 

The radiating aperture is at the topmost layer while all the feeding lines are designed at the bottom 

layer. Rogers RO3006 with relative permittivity of 6.5 and thickness of 10 mils was employed at 

the bottom layer while Rogers RT/duroid 5880 with thickness of 31, 10, 31, and 10 mils (from the 
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bottom to the top layer) were employed for the upper layers to reduce surface wave effects and 

improve radiation performances. All substrate layers were glued using Epoxy and then they were 

heated and pressed to establish a uniform connection between the layers, according to the PCB 

fabrication process available in our Poly-Grames Research Center. Conductive adhesive has been 

employed to make electrical connections between two adjacent ground planes in the bottom layers. 

It is worth emphasizing that all the feeding networks have been transferred to the bottommost layer 

and then a relatively high-permittivity substrate has been used for this layer, as this technique 

provides a solution for seamless integration of the antenna with frontend [8, 28].  It is worthwhile 

to mention that although the presented methodology can be adopted for a wide variety of high-�� 

substrates with much larger relative permittivity, due to some restrictions imposed by our PCB 

fabrication process, we used a substrate with �Ý�å 
L �x�ä�w. To reduce devastating and parasitic effects 

of surface waves on radiation patterns, particularly in the Ka-band, some free spaces on the 

�G�L�H�O�H�F�W�U�L�F�¶�V���V�X�U�I�D�F�H�� �Z�H�U�H���F�R�Y�H�U�H�G���E�\���P�H�W�D�O�O�L�F���F�R�Y�H�U���D�Q�G���V�X�U�U�R�X�Q�G�H�G���E�\���6�,�:-alike walls to avoid 

propagation of surface waves as well as parallel plate modes. 

8.5.1 Feeding network in Ka-band 

As mentioned earlier, each ME-dipole-alike antenna individually operates in the upper frequency 

band. As shown in Figure 8.12, all antennas were excited by coupling of eight narrow strips to the 

antennas at their centers then two four-way microstrip power dividers were designed and connected 

to the strips through eight metalized vias. Subsequently, two-way microstrip power dividers were 

designed at the bottom layer and connected to the top power dividers by two 15-mil diameter pins 

which were soldered and then polished at both top and bottom layers. To reduce parasitic effects 

(including reactive and radiation effects) of pins, they were shielded by two large, metalized holes 

that operate as coaxial-like transmission lines (CLTL), as depicted in Figure 8.12(b). Parasitic 

radiations of the two pins at both sides [right and left sides in Figure 8.12(a)] of the antenna result 

in the formation of nulls and deviations of the radiation pattern. To circumvent this issue, a slight 

asymmetry was introduced on the right side of the two-way power divider at the bottommost layer 

[c.f. Figure 8.12(a)]. Therefore, by optimizing the positions of the pins, adverse effects of parasitic 

radiations on the 
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Figure 8.12 Details of the feeding netwrok in the Ka-band (W5=9.45, W6=11.58, W7=0.46, 
W8=0.31 ,W9=1.16, W10=0.2, L5=1.32, L6=2.5, L7=3.47, L8=2.5, L9=9, L10=10.4, D1=1.5, 

D2=0.4, D3=0.4, all dimensions are in milimeters) 

main radiation pattern are minimized. In this case, asymmetry in the two-way power divider was 

adjusted to achieve the optimum results for both radiation pattern and return loss. 

8.5.2 Feeding network in Ku -band 

In this Ku-frequency band, the radiating surface operates as a 2×1 array arranged along �T-axis, as 

shown in Figure 8.13(a). Although the radiating surfaces can be excited by the coupling of two 

diagonally-oriented [along the v-axis in Figure 8.8(a)] strips to the aperture, due to restrictions 

imposed by our PCB fabrications, two pairs of pins electrically connected to the radiating surfaces 

are used for excitations. The two pairs of pins connect the radiating surfaces to the narrow 

multimode resonance (MMR) slot [177] etched on the ground plane. The paired pins operate as 

differential transmission lines; therefore, they present negligible parasitic effects on the antenna 

performance. The MMR slots [which are oriented along the v-axis in Figure 8.13(b)] are set to 

enhance the impedance matching between the feeding lines and the antenna while requiring lesser 

spaces as compared to simple slots. The connecting pins were soldered and then completely 

polished at both ends to  
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Figure 8.13 Details of the feeding netwrok of the lower frequency band (Ku-band) (W11=0.2, 
W12= 1, W13=0.5, W14=1, W15=0.34, L11=8.5, L12=4, all dimensions are in milimeter) 

 

eliminate parasitic effects. A two-way microstrip power divider at the bottom layer feeds the two 

MMR slots. To enhance the EM coupling and eventually the impedance matching between the 

power divider and the radiating surface, the MMR concept along with step impedance technique 

was used [183, 235, 236] . Then, a high impedance microstrip line was electrically shorted to the 

ground plane through the two metallized vias. Reactive effects of the step impedance discontinuity 

along with the use of a high impedance microstrip line over the narrow MMR slot enhance the 

impedance matching conditions over a wide frequency range. In this scenario, a high impedance 

microstrip line increases the current intensity and in turn magnetic field around the slot. Since the 

coupling between narrow MMR slots and microstrip lines are mostly governed by the magnetic 

field, the impedance matchings are improved.  

8.6 Simulation and measurement results 

The fabricated prototype is shown in Figure 8.14. Reflection coefficient and realized gain were 

measured by Keysight network analyzer (PNA N5247B) and at the far-field anechoic chamber of 

our Poly-Grames Research Center, respectively and the results are depicted in Figure 8.15.  
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Figure 8.14 The top and bottom views of the fabricated prototype 

The simulated and measured peak gains in the Ku-band are around 7.3 dBi and 7dBi, respectively 

and these values for the impedance bandwidth are 41.2% (12.5 to 19 GHz) and 30% (12 to 16.2 

GHz). Around 10% reduction in bandwidth is observed which may be attributed to fabrication 

tolerances. 

 

Figure 8.15 Measured and simulated reflection coefficiencts and realized gains of antenna in (a) 
Ku-band and (b) Ka-band 

The simulated and measured 3 dB gain bandwidths are 37.8% (12 to 17.6GHz) and 25.4% (12 to 

15.5 GHz), respectively. In the Ka-band, the simulated and measured peak gains are 8.9 dBi and 8  
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Figure 8.16 E-plane and H-plane cuts of the radiation patterns for two frequencies (13 and 15 
GHz) in the Ku-band  

dBi, respectively while the simulated and measured impedance bandwidths are 13.14% (32 to 36.5 

GHz) and 10.65% (32 to 35.6 GHz). The simulated and measured 3 dB gain bandwidths are 12.6% 

(32 to 36.3 GHz) and 8.52% (32 to 34.8 GHz), respectively. Due to the efficient reuse of the 

�D�Q�W�H�Q�Q�D�¶�V�� �D�S�H�U�W�X�U�H�� �L�Q�� �E�R�W�K�� �I�U�H�T�X�H�Q�F�\�� �E�D�Q�G�V���� �D�S�H�U�W�X�U�H-reused efficiency is 100% in the proposed 

dual-band aperture-shared radiating surface. Simulated and measured radiation patterns of the 

antenna in Ku-band are plotted for two frequencies of 13 GHz and 15GHz in Figure 8.16, which 

show a well-pronounced agreement between simulation and measurement results. Radiation 

patterns of the proposed prototype in the Ka-band are measured and compared with simulation 

results in Figure 8.17at two frequencies of 33 and 36 GHz. As can be seen, the simulation and 

measurement results have good agreements. It is worthwhile to mention that, due to parasitic effects 

of the connecting pins, some deviations are observed in the radiation patterns particularly in the E-

plane. To highlight the performance of the proposed dual-band antenna array, a comparative table 

(Table 8.2) is provided. As it can be seen, the proposed radiating surface outperforms other 

published works, judging from the combination of aperture-reused efficiency, impedance and gain 

bandwidth, seamless integration with active circuits.  
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Figure 8.17. E-plane and H-plane cuts of radiation patterns for two frequencies (33 and 35 GHz) 
in the Ka-band  

8.7 Conclusion 

In this work, we proposed and investigated a concept based on convolving magnetic and electric 

surface currents for the development of multi-band radiating surfaces. We demonstrated that a dual-

band radiating surface can be realized by a 2×2 arrangement of the developed single band antenna. 

Subsequently, a tri-band radiations can be realized by 4×4 arrangement of single band antenna. As 

a proof of concept, an array of 1×2 dual-band antenna was designed and fabricated using cost-

effective multi-layer PCB process. In this prototype, we transferred all feeding lines to the bottom-

most layer with a relative permittivity of �Ý�å 
L �x�ä�w while the top layers are implemented on 

substrates with low permittivity. In this scenario, the antenna takes advantages of both high 

radiation performance and the ability to seamless integration with active circuits. The dual-band 

antenna was fabricated and demonstrated, and the comparison of measurement and simulation 

results show good agreements.  
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Table 8.2 Comparison of the proposed and reference antenna arrays 

Ref 

Freque

ncy 

bands 

Imped. 

BW (%)  

Gain 

BW (%)  

No. of freq. 

bands 

Antenna 

�S�U�R�I�L�O�H������0) 

Aperture-

reused 

efficiency (%) 

Seamless 

integration 

[8] S/Ka 3.12/9.6 3/3 
Two 

(Fixed) 
0.03 100 Yes 

 [23] S/Ka 11.7/11.9 15/13.5 
Two 

(Fixed) 
0.03 - No 

[6] S/Ka 7.4/12.1 7/14 
Two 

(Fixed) 
0.04 - No 

[22] S/V 5.3/6.4 - 
Two 

(Fixed) 
0.02 77 No 

[39] S/Ka 3.2/2 - 
Two 

(Fixed) 
- 100 No 

This work 

(Sim.) 

Ku-

band 
41.2 37.8 

Two 

(Extendable 

to 

multiband)  

0.12 100 Yes 

Ka-

band 
13.14 12.6 

This work 

(Meas.) 

Ku-

band 
30 25.4 

Ka-

band 
10.65 8.52 
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CHAPTER 9  GENERAL  DISSCUSSION 

 

Integration of multiband antennas with active circuits is essential for the development of 

multifunctional cutting-edge mmW ARoF wireless systems. Generally speaking, there are two 

fundamental steps towards a complete antenna-frontend integration as follows:  

- Deep integration (or dense cohabitation) of antennas with active circuits,  

In this technique, antennas and active circuits (e.g., low noise amplifier (LNA), power amplifier 

(PA), mixer, etc.) are regarded as a unified element (called UNICA [234] ). In this scenario, the 

antenna array operates as a multifunctional element including a) TL; b) matching network (MN); 

and c) radiating element (RA), d) biasing network. Due to the unifications of several elements, the 

transceiver will be simplified and compact which potentially reduces the cost and loss. However, 

antennas and active circuits are still fabricated through different processes. Then, they are inter-

connected through bonding wires, thereby introducing inevitable parasitic radiations and reactive 

effects, losses, and increasing fabrication costs. Since, the parasitic reactance is generally a function 

of frequency, it affects the antenna bandwidth, particularly in mmW. In addition, parasitic 

radiations not only reduce the antenna radiation efficiency but also degrade the radiation 

performance of the antenna. To eliminate the aforementioned adverse effects and unify the 

fabrication process, a seamless (monolithic) antenna-frontend integration is proposed and 

investigated in this Ph.D. thesis. 

- Monolithic (or seamless) integration of antennas with active circuit s, 

In this scenario (which has been investigated in this Ph.D. thesis), antennas and active circuits are 

implemented on the same material with the same fabrication process. Since high-�����P�D�W�H�U�L�D�O�V���D�U�H��

used for the realization of active circuits in an integrated circuits (ICs) design, an antenna should 

be implemented on these materials as well. As suggested by Bode-�)�D�Q�R�¶�V���F�U�L�W�H�U�L�R�Q���I�R�U���D���3�(�&-back 

conventional antenna array, increasing the relative permittivity of substrate in an antenna design 

scenario is set to cause fundamental limitations on bandwidth. Although increasing permeability 
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can reduce this limitation, it potentially leads to the creation of higher-order modes of surface 

waves. As relative permittivity or permeability increases, the impedance matching between the 

antenna aperture and air is reduced which, in turn, limits the radiation bandwidth as well as 

impedance matching between antenna and active circuit, leading to a low impedance bandwidth. 

As the surface waves (slab modes) are easily excited in this scenario, particularly in mmW, inserted 

RF power to the antenna mainly couples to the surface waves rather than air (radiation). The surface 

waves propagate in a low-loss substrate and are reflected as well as diffracted from the truncated 

edges of the substrate. The diffracted waves generally degrade the radiation performances. The 

reflected surface waves bounce back and forth in the low-loss substrate, causing a high level of 

mutual couplings between the antenna elements. Note that, the propagation of surface waves in the 

substrate can also cause the formation of scan blindness in a phased array antenna. 

  To reduce the mutual couplings caused by surface waves in a conventional antenna array, we 

proposed a technique based on disrupting the propagation condition of the TM0 mode of surface 

wavs, thus reducing the mutual coupling in antenna array. In many planar antenna arrays based on 

the use of patches, the thickness of substrate is selected so that only the TM0 mode is mainly 

excited. Therefore, this technique can easily be applied for reducing the mutual coupling for many 

array design scenarios on high-�����V�X�E�V�W�U�D�W�H�V�����$�O�W�K�R�X�J�K���W�K�L�V���W�H�F�K�Q�L�T�X�H���K�D�V���E�H�H�Q���S�U�R�S�R�V�H�G���D�Q�G���Y�H�U�L�I�L�H�G��

for two colinear patch antennas, it can be successfully adopted to a planar antenna array, as the TM 

modes mainly propagate in the E-plane direction [109].    

Although the proposed technique can successfully reduce the mutual coupling, there are still 

fundamental issues regarding the use of conventional antenna array on high-���� �P�D�W�H�U�L�D�O�V���� �D�V��

numbered in the introduction. The planar leaky-wave antenna can generate a directive broadside 

radiation pattern without requiring a complex feeding network, and also, surface waves can be 

suppressed on the antenna aperture realized by a metallic PRS, it can be a proper alternative for the 

conventional antenna array. Therefore, we investigated the planar leaky-wave antennas on high-����

materials. In these antenna types, from the circuit model point of view, a good impedance matching 

to the air causes the increase of a leakage of electromagnetic waves into the air and consequently 

reduces the antenna gain. Interestingly, this scenario is completely different from that of the 

conventional antenna array. Therefore, we designed and investigated a substrate-integrated center-

fed 2DLW antenna with a capacitive PRS. A thin Rogers RT/duroid 6010.2LM with a relative 

permittivity of around 10.7 (which is around 11 in practice) is used in this design. Unlike the 
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conventional 2DLW antenna operating based on the propagation of the TE1/TM1 mode of a parallel 

plate waveguide, Q-TEM mode is the radiating mode that generates a highly directive radiation 

beam. Owing to reflecting boundaries realized by the truncated edges of the PRS, the aperture 

efficiency is enhanced by 15% as compared to the conventional air-filled counterpart.  The antenna 

is excited by a slot etched in the ground plane (it can be also excited by integrated active 

components in the PRS).  

In this scenario, as frequency increases, PRS would be virtually unified (by electromagnetic fields), 

developing a large, segmented patch antenna. However, due to the short electrical distance between 

the PRS and the ground plane, the radiation efficiency is very low, and the antenna cannot radiate. 

To develop a dual-band and high-gain antenna, we investigated the 2DLW antenna with an 

inductive PRS that is fed by a CPW TL. Note that, according to the 2DLW antenna theory for two 

antennas with identical PRS susceptance values operating with the same modes, an antenna with 

an inductive PRS requires a smaller profile than that of a capacitive PRS for satisfying the 

transverse resonance condition and radiation. 

The aperture-shared technique was deployed in which the antenna surface was effectively reused 

in both frequency bands. Unlike the proposed antenna with a capacitive PRS operating based on 

Q-TEM mode, this antenna radiates based on the first higher order (TE1/TM1) mode. Therefore, 

the antenna profile is larger than that of the capacitive PRS for satisfying the transverse resonance 

condition and then propagation of this mode inside the cavity. It radiates as a large patch antenna 

in S-band while it operates as a 2DLW antenna in Ka-band. According to our investigations, using 

high-�����P�D�W�H�U�L�D�O���L�Q���W�K�H�����'�/�:���D�Q�W�H�Q�Qa with a single mode resonance inductive PRS, provokes two 

resonance frequencies, including PRS and cavity resonances, to be converged. In this case, the 

resonance frequency of the antenna is close to the PRS resonance frequency. Since the PRS is 

transparent near its resonance, the attenuation constant of the LW is increased; therefore, a lower 

portion of the PRS contributes to the radiation consequently, the antenna gain is reduced. This 

condition is similar to the "open-stopband" condition in a 1-D LW antenna in that the LWs are 

stopped from propagating while the antenna is open to radiation. We showed that instead of using 

single mode resonance PRS, using multimode resonance PRS results in a tangible improvement in 

gain (> 4 dBi) while this technique also enhances the gain bandwidth. Subsequently, the effects of 

using a heterogeneous high-�����P�D�W�H�U�L�D�O���L�Q�V�L�G�H���W�K�H���F�D�Y�L�W�\���K�D�Y�H���E�H�H�Q���H�[�S�O�R�U�H�G���E�\���D�Q�D�O�\�W�L�F�D�O���H�T�X�D�W�L�R�Q�V.  
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  As stated, on a high-�� �P�D�W�H�U�L�D�O�����S�D�U�W�L�F�X�O�D�U�O�\���Z�L�W�K���0r > 10, the physical size of antenna elements in 

the conventional array is much smaller than their inter-element spacing. In this case, not only is the 

array aperture not being used efficiently for radiation, but surface waves are also being strongly 

excited on the antenna aperture. To address this issue, we investigated a methodology based on the 

tightly planar arrangement of ME-dipole-alike antenna elements, where inter-element spacing is 

also scaled down with the antenna size. Surface waves are not excited on the antenna aperture due 

to the boundary condition realized by tightly arranged metallic surfaces. By proper excitation and 

interleaving of coupled electric and magnetic currents on the aperture, a dual-wideband antenna 

array is developed in which mutual couplings and antenna aperture are effectively employed. Due 

to the restrictions of our PCB fabrication process, the prototype is realized using a low permittivity 

material, however, this methodology can be generally applied to the antenna with high-�����P�D�W�H�U�L�D�O�V. 
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CHAPTER 10 CONLUSION AND RECOMMENDATIONS  

10.1 Conclusion 

This Ph.D. thesis has primarily dedicated to the exploration of using high-�� (high permittivity) 

materials in the development of multi-band high-gain antennas and applying techniques to address 

the adverse effects while taking advantage of the potential opportunities. In addition, we explored 

techniques for the development of a space-efficient multi-band antenna array suitable for the 

cohabitation of antennas with active circuits. Generally, employing high-�� materials in antenna 

structures provides the RF and antenna designers and developers with two potential opportunities 

namely 1) reducing the physical size of the antenna; 2) monolithic antenna-frontend integration 

which, in turn, offers two opportunities 2.1) reducing the total fabrication costs of a transceiver as 

active circuits and antennas are implemented with the same process (e.g., CMOS or MHMIC), 2.2) 

eliminating bonding wires and their inevitable adverse effects, (i.e., parasitic radiations and reactive 

effects) and losses (including both radiations and ohmic losses), which also potentially reduces the 

total cost of the system. On the other hand, some adverse effects should be properly addressed 

namely 1) a high excitation of surface waves and associated adverse effects [edge diffractions, 

mutual couplings, gain loss]; 2) reducing gain and impedance bandwidths.   

Of course, depending on applications, each opportunity and bright side can be regarded as a 

drawback or advantage and vice versa. For example, using a high-�� substrate (i.e., monolithic 

integration) results in shrinking the physical size of the antenna which is a highly demanded in 

antenna and system operating at low frequencies. While in mmW, high-�� material potentially 

makes the fabrication process cumbersome as fabrication tolerances would be in the order of guided 

wavelength hence more accurate and sophisticated fabrication process would be required for 

obtaining satisfactory results. However, the monolithic integration of antennas with active circuits 

in mmW potentially reduces the fabrication costs as the labor involved with the fabrication process 

is reduced. On the other hand, using low permittivity materials and then inter-connecting the mmW 

antenna to the frontend module using bonding wires can severely degrade the performance of the 

antenna-frontend system (such as cross-polarizations, gain, efficiency, and impedance bandwidth, 
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etc). Therefore, there would be a trade-off between the advantages and disadvantages of monolithic 

integration considering system applications and their preferences (fabrications process, required 

performance etc.) as well as operating frequency band. In this Ph.D. thesis, we investigated the 

adoption of high-�� materials in mmW and THz ARoF applications (in which �R�S�W�L�F�D�O���V�L�J�Q�D�O�V���D�U�H��

�P�R�G�X�O�D�W�H�G�� �X�V�L�Q�J�� �P�P�:�� �D�Q�G�� �7�+�]�� �5�)�� �V�L�J�Q�D�O�V�� �D�Q�G�� �W�U�D�Q�V�P�L�W�W�H�G�� �H�I�I�L�F�L�H�Q�W�O�\�� �W�K�U�R�X�J�K�� �I�L�E�H�U�� �R�S�W�L�F��

�Z�D�Y�H�J�X�L�G�H�V) and developed some techniques for mitigating its adverse effects in different antenna 

design scenarios. We believe the outcomes will assist antenna and RF researchers and developers 

in their future explorations and shed light on seamless integration of antenna with frontend.  

To begin with, we proposed a simple yet effective technique for controlling surface waves and 

reducing the corresponding mutual couplings and their adverse effects on antenna performance. 

This technique can be applied to a linear or planar antenna array for antenna in package (AiP) and 

antenna on chip (AoC) design scenarios. In contrast to the numerous techniques reported in the 

literature for reducing mutual couplings caused by space waves, the proposed methodology 

effectively reduces the mutual couplings originated by surface waves, which are the dominant 

factor in mutual couplings of half-wavelength apart colinear antennas. Although such techniques 

can be investigated and applied to the conventional antenna array, these are still fundamental 

challenges (as elaborated in the introduction) regarding using the conventional antenna array in 

high-�� materials which makes it inefficient solution. 

The concept of the 2DLW antenna with a capacitive PRS has been investigated as a suitable 

alternative for the conventional single-band antenna array on the high-�� substrate. It offered a very 

low-profile and high aperture-efficient solution which is highly desired for OEIC design scenarios. 

The 2DLW antenna with an inductive PRS has been further investigated for the development of 

high-gain, space-efficient dual-band antennas with a low-complex structure on high-�� materials. 

The key features of the proposed antenna are 1) effective reusing of antenna aperture in both 

frequency bands resulting in a space-efficient solution; 2) a heterogeneous material is applied to 

the antenna structure providing the fabrication and design process with a degree of freedom; 3) it 

uses a single feeding network that allows it to operate in both frequency bands and facilitates the 

integration of antenna with a multiwavelength photodiode.       

The well-known complementary-source (ME-dipole) antenna has inspired us to develop a dual-

band radiating surface using interleaved electric and magnetic currents. From the perspective of 
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theory, this concept can be generalized to develop a multi-band antenna array, however, the ground 

plane potentially restricts the bandwidth and a number of frequency bands. The key features of the 

proposed radiating surface are 1) due to the completely reusing of radiating surface in both 

frequency bands, the aperture-reused efficiency is 100% which is highly desired for integration; 2) 

thanks to boundary conditions realized by a tight arrangement of metallic radiating surfaces, 

surface waves are not excited on the antenna aperture; 3) leveraging both electric and magnetic 

surface currents could result in broadband impedance matching with a wide range of tunability in 

input impedance, which is critical for dense cohabitation of antenna with frontend module. 

10.2 Discussion 

In this subsection, our objective is to highlight some potential applications for the proposed antenna 

techniques as follows: 

1) The proposed surface wave control technique discussed in Chapter 3 has the potential to be 

highly valuable for antenna-in-package applications. In such applications, where an antenna array 

is implemented on high-�� material, the technique offers a promising solution for reducing the 

mutual coupling in the antenna array. By effectively controlling surface waves, the proposed 

technique enables a more compact integration of the antenna array on high-�� materials. This 

reduction in footprint is crucial for antenna-in-package applications, where space constraints often 

pose a challenge. Implementing the surface wave control technique allows for a more efficient use 

of available space, leading to improved antenna performance and overall system design. By 

leveraging the advantages of high-�� materials and applying the surface wave control technique, 

antenna-in-package applications can achieve a significant reduction in size without compromising 

antenna array performance. This advancement opens up possibilities for incorporating antenna 

arrays into compact electronic devices and systems, enabling enhanced wireless communication 

and connectivity. 

2) The proposed very low-profile and high-aperture efficient 2-D Leaky-Wave Antenna (LWA) 

discussed in Chapter 4 holds significant potential for the dense integration of antennas with active 

circuits in radio-over-fiber wireless systems. This integration can be achieved by utilizing advanced 

fabrication processes such as MHMIC or MMIC. The key advantage of the proposed 2-D LWA 

lies in its ability to provide both a low profile and high aperture efficiency. These characteristics 

make it well-suited for integration with active circuits, enabling seamless integration of antennas 
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and circuitry within the same compact module. By employing MHMIC or MMIC fabrication 

processes, the integration of the proposed 2-D LWA with active circuits becomes feasible. These 

processes are known for their capability to achieve high precision and miniaturization, allowing 

for the creation of complex and densely integrated systems. The combination of the very low-

profile and high-aperture efficiency of the proposed 2-D LWA, along with the utilization of 

advanced fabrication processes, opens up opportunities for the development of highly integrated 

and efficient radio-over-fiber wireless systems. This integration offers advantages such as reduced 

size, improved performance, and enhanced functionality. 

3) The two dual-band antenna array techniques proposed in Chapter 5 hold great potential for 

numerous applications, both in cell-phase and basestation transceiver (BTS) design scenarios. 

These techniques offer significant advantages in terms of their dual-band functionality, allowing 

for the simultaneous operation of two frequency bands. This capability is particularly beneficial in 

cell-phase applications, where the demand for accommodating multiple wireless communication 

standards is high. Moreover, the proposed antenna array techniques can also be effectively 

employed in BTS designs. By providing dual-band capabilities, they facilitate the integration of 

two antennas within a single transceiver, enabling improved coverage and capacity for wireless 

communication systems. The versatility of these techniques makes them applicable to a wide range 

of scenarios. By leveraging these dual-band antenna array techniques, designers and engineers can 

optimize their designs to meet the requirements of various applications, resulting in improved 

performance, increased capacity, and enhanced user experience. 

4) The dual-band 2-D Leaky-Wave Antenna (LWA) with a unified feeding network on high-�� 

material holds significant applicability in basestation transceivers (BTS), particularly in micro or 

nano cell configurations, within a RoF integrated wireless system. By utilizing high-�� material and 

incorporating a unified feeding network, the dual-band 2-D LWA offers advantages in terms of 

compact size, enhanced performance, and improved integration capabilities. These characteristics 

make it well-suited for applications where space constraints are prominent. The utilization of a 

unified feeding network further simplifies the BTS design, leading to reduced complexity and cost. 

This unified approach enables seamless operation across multiple frequency bands, supporting the 

requirements of dual-band communication. 
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5) Two novel space-efficient and scalable multi-wideband radiating surfaces based on the 

interleaving of electric and magnetic surface currents offer valuable solutions for various 

applications, such as multi-wideband antenna in package (AiP) and antennas on chip (AoC), where 

real estate is limited and costly. The unique design of these radiating surfaces allows for efficient 

utilization of space, making them highly suitable for applications with constrained physical 

dimensions. In the context of multi-wideband antennas in package, where miniaturization and 

integration are crucial, these radiating surfaces offer a compact and effective solution for 

accommodating multiple frequency bands within limited space. Similarly, in the case of AoC, 

where available space is at a premium, these space-efficient radiating surfaces provide an optimal 

solution for delivering multi-wideband capabilities. Their scalability ensures adaptability to 

different chip sizes and configurations, allowing for seamless integration and improved 

communication performance. By interleaving electric and magnetic surface currents, these 

radiating surfaces achieve a wide tunability of input impedance for various beam scan angles and 

active circuits. Their ability to operate across multiple wideband enables enhanced connectivity 

and functionality in challenging environments. 

10.3 Recommendations for future works 

The subject of multi-band antenna arrays with a large frequency ratio or even single band antenna 

arrays on high-�� material continues to be of significant interest in research. We believe there are 

several topics covered in this research that offer significant potentials for further investigations. 

These topics are briefly discussed as follows. 

10.3.1 The 2-D leaky-wave antenna on high-�� substrates: 

1) For the proposed 2-D leaky-wave antennas on high-�� substrate, it would be of interest to 

investigate the effects of materials and metallic losses on the antenna operations and propagation 

modes.   

2) According to some primary investigations [91],  increasing the permeability of a substrate with 

a high permittivity can enhance the radiation performance of antenna. This technique could be 

applied and investigated in the proposed dual-band 2-D leaky-wave antenna for improving the gain. 

In this case, a heterogeneous cavity can be realized by using different layers and features with a 

wide range of permeability and permittivity. The radiation performance of the antenna would be 
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improved by carefully selecting the parameters of these layers (thickness, permittivity, and 

permeability), which would provide a better impedance matching to the air while controlling the 

surface leakages. Furthermore, the effects and advantages of adopting superstrate over and attached 

to the inductive PRS can be explored. 

3) We investigated the effects of edge reflection coefficient on the directivity and aperture 

efficiency of the antenna. This parameter can be modified by employing several ring-shaped 

materials of various characteristics surrounding the PRS. In this case, according to the theory of 

multilayered slabs, a wide range of edge reflection coefficients can be realized by properly 

choosing the parameters of surrounding layers.  

4) We provide a comprehensive analysis based on the theory of the 2-D leaky-wave antenna, we 

believe by using the higher-order space harmonics, one can investigate the generating of several 

radiation patterns from a shared aperture on a high-�� substrate. 

10.3.2 The radiating surface based on interleaved electric and magnetic 

currents: 

1) This work can be further expanded by incorporating photodiodes and other active devices into 

the antenna array using the CMOS fabrication process and conducting research on beamsteering 

by controlling the phase and amplitude of surface currents. 

2) A beamforming-less multi-beam antenna array can be also investigated by dividing the aperture 

of a large antenna array into a group of smaller-sized antenna arrays with different surface 

conditions (phase and amplitude of currents). 

3) This concept can be further explored for realizing a dual-polarized antenna array. 

4) The spatial power combining technique can be investigated by efficient distributions of the RF 

powers to each antenna element. In this case, the efficiency of the spatial power combining 

technique can be explored by using antenna elements of various sizes.   

5) Due to boundary condition realized by a tight arrangement of the metallic antenna elements, the 

substrate surface waves cannot be excited, or it would be weakly excited. However, according to 

the investigation of professor Munk [237], a tightly arrangement of the radiating elements prone 

the antenna array to supporting another type of the guided surface wave which is similar to the 

well-known Yagi-Uda array antenna operating based on the excitation of a guided surface wave 
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[238]. In this case, some power will be coupled to these surface waves and guided through the array 

aperture then radiated from the truncated edges of the finite-size array. These edge-borne 

diffractions may degrade the array performances and also it may cause end-fire radiations and 

formation of side lobes. This phenomenon can be more pronounced at higher frequencies such as 

sub-terahertz regime where a large radiating surface is required to improve the gain. Rigorous 

research is required for suppressing this surface wave without adding extra complexity and loss to 

the antenna system. 

6) It has been observed that if the antenna profile was around a half-guided wavelength, the antenna 

array showed a highly directive radiation beam as the antenna supports a higher order parallel plate 

waveguide mode. In this case, antenna aperture serves as a PRS, and antenna radiates based on 

theory of the Fabry-Perot cavity. We believe, by carefully designing, this mode can be effectively 

employed for realizing multi-band radiations.  

7) It would be interesting to investigate the impedance matching of the proposed ME-dipole-alike 

radiating surface on high-�� materials with air and active circuits for the development of multi-beam 

radiations. First, using high-k materials cause an impedance mismatch between the antenna 

aperture and air which, in turn, results in an impedance mismatch between the antennas and active 

circuit as shown in the following figure [227]. In addition, radiations scanned to the various spatial 

directions require various impedance-matching scenarios, as suggested by the following figure. On 

the other hand, according to the Maxwell equations, using magnetic current provides the antenna 

with one additional degree of freedom for impedance matching. Therefore, it is expected that the 

proposed ME-dipole-alike antenna offers a wide range of impedance-matching scenarios for a 

beam-steering or multi-beam antenna array. 
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APPENDIX A  LEAKY -WAVE ANALYSIS OF THE DOUBLE -LAYER 

HETEROGENEOUS CAVITY  

In Figure A.1, the transverse resonance technique in the form of a reflection coefficient is used to 

calculate the transverse propagation constant in a double-layer cavity at �<
L �r (reference line) 

according to (A.1), where ���É�Ë�Ì
L �����É�Ë�Ì���A�Ý�� �Á�Ã�Ä is the upward reflection coefficient at reference line 

(or PRS reflection coefficient at �<
L �r�?); ���Ë�¾�¿ is the downward reflection coefficient at reference 

line (or equivalently reflection coefficient at �<
L �r�>). 

 

Figure A.1 TL model of the leaky-wave antenna with a double-layer cavity 

���T�V�W���V�I�J�ä
L �s�� �:�� �ä�s�; 

According to TL theory ���Ë�¾�¿�ä
L �� �ñ�A�?�6�Ý�Û�-�Þ�å�- where  �� �ñ is the reflection coefficient evaluated at 

�� �ñ
L �r�>. Therefore, 

���T�V�W�� �ñ�A�?�6�Ý�Û�-�Þ�å�- 
L �s�� �:�� �ä�t�; 

At the boundary of two dielectrics, an infinite number of reflections takes place. However, 

according to the theory of small reflections [1], the overall reflection coefficient at the ��qõ
L��0 

boundary [��qõ in (A.3)] can be approximated as a combination of two terms including the reflection 

coefficient between two dielectrics (���4
�Í�¾���Í�Æ) as described in (A.3) and reflection coefficient of the 

ground plane transferred to ��qõ
L��0 boundary (���Ú�A�?�6�Ý�Û�. �Þ�å�. ), where ���Ú 
L 
F�s  is the reflection 

coefficient of the ground plane.  
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�Á�ñ
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E�Á�Ú�A�?�6�Ý�Û�. �Þ�å�. �á 
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�Å�¶���Å�¾


L 

�Õ
�Ö
�Ô

�Ö
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�Í�¾
L
�<�6

�Í�¾
F �<�5
�Í�¾

�<�6
�Í�¾
E�<�5

�Í�¾ 
L
�G�í�5 
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�G�í�5 
E�G�í�6

������������������������

�Á�4
�Í�Æ 
L

�<�6
�Í�Æ
F �<�5

�Í�Æ

�<�6
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E�<�5

�Í�Æ 
L
�Ý�å�5�G�í�6 
F�Ý�å�6�G�í�5
�Ý�å�5�G�í�6 
E�Ý�å�6�G�í�5

 

(A.3) 

Substituting (A.3) into (A.2), a system of equations can be developed according to (A.4): 


^
�+���4

�Í�¾���Í�Æ�+�?�K�O�ð�5 
E�A�6�Û�. �� �å�. �?�K�O�ð�6 
L
�A�?�6�Û�-�� �å�-

�����É�Ë�Ì��
�á

�+���4
�Í�¾���Í�Æ�+�O�E�J�ð�5 
E�A�6�Û�. �� �å�. ���O�E�J�ð�6 
L �r�á������������������������

 

�ð�5 
L �î �É�Ë�Ì
E�î �{�,
�Í�¾���Í�Æ
F �t�D�5�Ú�í�5 

�ð�6 
L �î �É�Ë�Ì
E�è
F�t�:�D�5�Ú�í�5 
E�D�6�Ú�í�6�; 

(A.4) 

 

where, �����É�Ë�Ì���á�î �É�Ë�Ì are calculated by a full-wave simulation in an unit-cell; �+���4
�Í�¾���Í�Æ�+ and �î �{�,

�Í�¾���Í�Æ 

are described in (A.3); �D�5��and �D�6 are indicated in Figure A.1 ; �Ù�í�5���á�Ù�í�6, �Ú�í�5 , �Ú�í�6 are longitudinal 

attenuation and phase constants (���G�í�5�á�6 
L �Ú�í�5�á�6 
E�F�Ù�í�5�á�6 ; Note that positive sign is selected to 

realize improper leaky-wave in �A�?�6�Ý�Û�-�á�. �Þ�å�-�á�.  terms) in the dielectric 1 and 2 , respectively which 

can be expressed as a function of transverse propagation constant (�G�ç 
L �Ú
F�F�Ù) according to (A.5) 

by solving �G�í�5�á�6 
L �Ú�í�5�á�6 
E�F�Ù�í�5�á�6 
L 
§�Ý�å�5�á�6�G�4
�6 
F �G�ç

�6 : 

�Ú�í�5�á�6 
L

©
k�Ù�6 
F�Ú�6 
E�Ý�å�5�á�6�G�4

�6
o
E
§�:�Ù�6 
F �Ú�6 
E�Ý�å�5�á�6�G�4
�6�;�6 
E�:�t�Ù�Ú�;�6

�t
�á 
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©
F
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�6
o
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E�:�t�Ù�Ú�;�6

�t
�ä 

(A.5) 
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Equation (A.4) together with (A.5) can be numerically solved for finding transverse phase (�Ú) and 

attenuation (�Ù) constants at each frequency. It is worth mentioning that in an antenna���Ù �G�4 �' �s�¤  

and �Ú �G�4 �' �s�¤ , the binomial approximation �:�T
E�¿�T�;�á 
N�T�á 
E�J�T�á�?�5�¿�T
E�D�:�J
F �t�; can be 

applied to simplify (A.5) [2] and approximated it with (A6) where �J�5�á�6 
L 
¥�Ý�å�5�á�6 : 

�Ú�í�5�á�6 
N
�Ù�6 
F �Ú�6 
E�t�J�5�á�6

�6 �G�4
�6

�t�J�5�á�6�G�4
�á 

 

�Ù�í�5�á�6 
N�d
�Ù�Ú

�J�5�á�6�G�4
�d�ä 

(A.6) 

For a specific range of relative permittivity ratios (�r�ä�x
O�Ý�å�5 �Ý�å�6 
Q�s�¤ ), an analytical equation can 

be developed for calculating the transverse propagation constant. Since in an antenna with 

�Ù �G�4 �' �s�¤  and �Ú �G�4 �' �s�¤ , and particularly in a high permittivity dielectric, ���G�ç �G�4�¤ �� �' �Ý�å�5�á�6 ; 

therefore, �Ý�å�5�á�6 
F �:�G�ç �G�4�¤ �;�6 
L �:�G�í�5�á�6 �G�4�¤ �;�6 can be approximated as �Ý�å�5�á�6 
N�:�G�í�5�á�6 �G�4�¤ �;�6 in (A.3) 

and in this case, �+���4
�Í�¾���Í�Æ�+
N�����4

�Í�¾�Æ���ä For �r�ä�x
O�Ý�å�5 �Ý�å�6 
Q�s�¤  , �+���4
�Í�¾���Í�Æ�+
O�r�ä�s��; therefore, wave 

reflection (due to a step change in relative permittivity) between two dielectrics is negligible. In 

this case, �+���4
�Í�¾���Í�Æ�+ can be ignored in (A.4); therefore, ��qõ
N
F�A�?�6�Ý�Û�. �Þ�å�. . By considering 

�+���4
�Í�¾���Í�Æ�+
L �r in (A.4) and rearranging it, we can develop (A.7) as follows: 


\
�î �É�Ë�Ì
N�:�t�J
F �s�;�è
E�t�:�Ú�í�5�D�5 
E�Ú�í�6�D�6�;
���Á�É�Ë�Ì�� 
N�A�?�6�:�� �å�-�Û�-�>�� �å�. �Û�. �;������������������������������������������������

 (A.7) 

Having substituted (A.6) into (A.7) and applying some basic algebraic manipulations, transverse 

phase and attenuation constants are calculated according to (A.8): 
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(A.8) 
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�Þ�5 
L �:�î �É�Ë�Ì
F �:�t�J
F �s�;�è�; 
F �t�G�4�:�J�5�D�5 
E�J�6�D�6�;�á 

�Þ�6 
L �.�J
¥���Á�É�Ë�Ì���������������������������������J 
L �r�á
G�s�á
G�t�á
G�u�á�å 

A periodic leaky-wave antenna radiates based on the space harmonics (particularly �J 
L 
F�s) [3]. 

In this case, phase constant of radiated wave (a fast wave) is described as follows: 

�Ú�á�å�Ô�×�G�4�¤ 
L �Ú�4
�è�á�ã�ä �G�4�¤ 
E�t�J�è �L�G�4�¤  

�J 
L 
F�s�á
F�t�á
F�u�á�å. 
(A.9) 

where �Ú�4
�è�á�ã�ä �G�4�¤  is normalized phase constant of unperturbed wave (slow wave) (A.8), and �6�L�6 is 

periodicity in the PRS. 
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APPENDIX B  FUNDAMENTAL LIMITATIONS ON ANTENNA ARRAY 

BANDWIDTH  

The Bode-�)�D�Q�R�¶�V���F�U�L�W�H�U�L�R�Q���L�V���S�U�L�P�D�U�L�O�\���L�Q�Y�H�V�W�L�J�D�W�H�G���L�Q���W�K�H���G�H�V�L�J�Q���R�I���P�D�W�F�K�L�Q�J���Q�H�W�Z�R�U�N�V���I�R�U���I�L�Q�G�L�Q�J��

the theoretical fundamental limit on bandwidth for certain types of load impedances [1-4].  It can 

be successfully adopted in the antenna array theory for estimation of substation restrictions on 

antenna array bandwidth [5-8�@���� �,�Q�� �W�K�L�V�� �Z�R�U�N���� �Z�H�� �D�S�S�O�\�� �W�K�L�V�� �W�K�H�R�U�\�� �D�O�R�Q�J�� �Z�L�W�K�� �5�L�F�K�D�U�G�¶�V��

transformation [4], [5-8] to obtain a closed-form approximate analytical equations for the proposed 

dual-band radiating surface antenna array. As aforementioned, the antenna profile in the lower 

frequency band should be selected between���ã�Ú�Å �z�¤  and �ã�Ú�Å �v�¤   (where �ã�Ú�Å is the guided wavelength 

in the lower frequency band) corresponding to the frequency range of  �? �z�D�¾�Ý�å�ä�å�¤ 
Q�B�Å 
O

�? �v�D�¾�Ý�å�ä�å�¤  . In this case, according to the TEN model in Figure 7.22, the surface impedance of 

substrate, which is evaluated according to���<�æ
L �F�<�4�–�ƒ�•�:�Ú�D�; , [where �<�4  is characteristic 

impedance and �Ú is propagation constant of the transmission line (TL)] is inductive. The equivalent 

circuit model of the substrate and air (radiation) would be a parallel RL circuit in which L represents 

the surface inductance of the grounded substrate and R indicates the antenna radiations. Therefore, 

according to the Bode-�)�D�Q�R�¶�V�� �W�K�H�R�U�\�� �I�R�U�� �D�� �S�D�U�D�O�O�H�O�� �5�/�� �O�R�D�G�� �>��Figure 7.22(b)], the fractional 

bandwidth (�$�9�Å
L
�ñ�Ù�½

�Ù�,�½
) of antenna array should satisfy (B.1): 
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(B.1) 

where �B�4�Å �L�V���F�H�Q�W�H�U���I�U�H�T�X�H�Q�F�\���R�I���W�K�H���O�R�Z�H�U���E�D�Q�G�����,�Q���W�K�L�V���F�D�V�H�����E�\���D�S�S�O�\�L�Q�J���5�L�F�K�D�U�G�¶�V���W�U�D�Q�V�I�R�U�P�D�W�L�R�Q��

[40], �<�4 
L �. where L is the equivalent surface inductance of the substrate. For a broadside radiation 

(a TEM wave) �<�4 
L 
¥�ä�å �Ý�å�¤   and �4 
L �ß�4 ; therefore (B.1) can be rewritten as: 
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(B.2) 

With reference to Figure 7.22(b), in the upper frequency band substrate height can be selected 

between���ã�Ú�Á �v�¤  and �ã�Ú�Á �t�¤  corresponding to the frequency range of  �? �v�D�¾�Ý�å�ä�å�¤ 
Q�B�4�Á 
O

�? �t�D�¾�Ý�å�ä�å�¤  . In this case, surface impedance of the antenna is capacitive. Therefore, according to 

the Bode-�)�D�Q�R�¶�V���W�K�H�R�U�\���I�R�U���D���S�D�U�D�O�O�H�O���5�&���O�R�D�G�����W�K�H���I�U�D�F�W�L�R�Q�D�O���E�D�Q�G�Z�L�G�W�K���R�I���U�D�G�L�D�W�L�Q�J���V�X�U�I�D�F�H���V�K�R�X�O�G��

satisfy (B.3): 
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(B.3) 

where �B�4�Á �L�V���W�K�H���F�H�Q�W�H�U���I�U�H�T�X�H�Q�F�\���R�I���W�K�H���X�S�S�H�U���E�D�Q�G�������:�K�H�Q���D�S�S�O�\�L�Q�J���5�L�F�K�D�U�G�¶�V���W�U�D�Q�V�I�R�U�P�D�W�L�R�Q�V����

we virtually divide the total substrate height in this frequency range (�ã�Ú�Á �v�¤ 
O�D
O�ã�Ú�Á �t�¤ ) into 

two series-connected sub-sections �D�5 and �D�6 ���:�D
L �D�5 
E�D�6�;. The first part (�D�5) is a short circuit 

TL (grounded TL) whose electrical length changes with frequency in the range of �ã�Ú�Á �v�¤ 
O�D�5 
O

�u�ã�Ú�Á �z�¤ , and the length of the second sub-section in the range of  �u�ã�Ú�Á �z�¤ 
O�D�6 
O�ã�Ú�Á �t�¤  . In this 

case, the length of each part is maximum �ã�Ú �z�¤  . The first part provides a virtual open circuit as the 

input impedance of the second part. Therefore, the input admittance of the second section can be 

written as �; 
L �F�;�4�–�ƒ�•�:�Ú�D�; where �;�4 is the characteristic admittance of the substrate. Now, the 

�5�L�F�K�D�U�G�¶�V�� �W�U�D�Q�V�I�R�U�P�D�W�L�R�Q�� �L�V�� �D�S�S�O�L�H�G�� �W�K�H�U�H�I�R�U�H���;�4 
L �s �<�4�¤ 
L �% where C is the equivalent surface 

capacitance of the substrate in this frequency range. Consequently, (B.3) can be rewritten 

accordingly: 
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We present a compact, high-gain, and wideband coplanar waveguide (CPW)-fed slot antenna. This 

antenna makes use of self-scalable current distribution and multi-mode resonance (MMR) 

techniques to broaden the impedance matching condition and also to form a stable radiation pattern. 

It operates in K/Ka-band and covers a wide frequency range of 17-29.7GHz with 54% and 28% 

impedance and pattern bandwidth, respectively, showing a maximum realized gain of 9dBi. Owing 

to its simplicity, ease of integration, and high-gain radiation pattern, this antenna is a promising 

candidate for integrated circuit-antenna design. 

C.1 Introduction 

Wideband, high-gain, low-footprint, high-efficiency, and low-profile antenna is of great 

importance and choice for dense integration of antenna elements with active elements and circuits 

in CMOS/MMIC technologies. Among all the printed or planar antennas, slot antenna has received 

considerable attention due to its simplicity, low profile, and ease of integration. Thanks to its 

resonance nature and omnidirectional radiation pattern, slot antenna generally suffers from low 

bandwidth (both impedance and pattern) and low realizable gain. Over the past decades, this 

antenna has been extensively studied and many techniques have been developed for improving 

radiation pattern as well as impedance bandwidth. Over recent years, some innovative ultra-

wideband (UWB) slot antennas have been presented [1-9]. In [1], an UWB slot antenna was 

proposed with multiple resonances to enhance the impedance bandwidth. However, it still presents 

an unstable radiation behaviour and low realizable gain. Parchin et al [2] presented a dual notched 

band slot antenna for UWB operation with maximum gain of 5.8 dBi. Yang et al [3] investigated 

an UWB slot antenna based on a traveling-wave mode with 121% fractional bandwidth (FBW) and 

maximum gain around 4 dBi. A wideband slot antenna backed by substrate integrated waveguide 
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(SIW) cavity was proposed in [4]. Bi et al [5] proposed a broadband slot antenna with FBW of 

40.8% and maximum gain of 6.2dBi. A filtering dumbbell-shaped slot antenna with FBW of 62.5% 

and peak gain around 5dBi was presented in [7]. A notched CPW-fed slot antenna was proposed 

by Gao et al [8], however, it shows an unstable radiation. In this work, we propose and investigate 

a miniaturized slot antenna inspired by a multi-mode resonance technique to provide a wide 

impedance matching. The radiative part of this antenna moves along the antenna aperture as 

frequency changes, thereby forming a sort of self-scalable current distribution. This mechanism 

not only increases the realizable gain but also creates an adaptive impedance matching and multiple 

resonance for broadband operation. 

C.2 Antenna structure and analysis 

Figure C.1 shows the geometry of the proposed antenna and its equivalent transmission line (TL) 

model for each section. This geometrically symmetric antenna is designed on Rogers RT/Duroid 

5880 substrate with relative permittivity of 2.2 and thickness of 20 mils. A shorted feedline (CPW) 

ensures a maximum current at the center of slot, consequently a strong magnetic coupling over the 

entire frequency band.  

 

Figure C.1 The geometry of proposed slot antenna and its equivalent transmission line model for 
�H�D�F�K���V�H�F�W�L�R�Q�����=�¶in is the input impedance for each section). L1 = 35, L2 = 5.2, L3 = 5, L4 = 3.2, L5 = 
1.5, W1 = 1, W2=4, W3 = 1.9, W4 = 0.4 (all in millimeter)�����³�'�L�V�F�´���V�W�D�Q�G�V���I�R�U���G�L�V�F�R�Q�W�L�Q�X�L�W�\���E�H�W�Z�H�H�Q��

the slot lines  

Owing to this feeding, only even modes of the magnetic field can be excited. As a result, in-phase 

current distribution will appear at the end edges of the slot (c.f. Figure C.2). Such conformal edge 

�F�X�U�U�H�Q�W�V���P�D�N�H���D���F�R�K�H�U�H�Q�W���F�R�Q�W�U�L�E�X�W�L�R�Q���D�W���W�K�H���E�U�R�D�G�V�L�G�H���D�Q�G���H�Q�K�D�Q�F�H���W�K�H���D�Q�W�H�Q�Q�D�¶�V���G�L�U�H�F�W�L�Y�L�W�\�����'�X�H��

to the propagation of the surface wave in the substrate and its associated edge diffractions, the size 

of the ground plane should be optimized for a constructive and maximum radiation at the broadside. 
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�(�D�F�K�� �D�Q�W�H�Q�Q�D�¶�V�� �V�H�F�W�L�R�Q�� �K�D�V�� �W�Z�R�� �Z�L�G�H�� ���L�Q�G�X�F�W�L�Y�H���� �D�Q�G�� �W�Z�R�� �Q�D�U�U�R�Z�� ���F�D�S�D�F�L�W�L�Y�H���� �V�O�R�W�� �7�/�V��

corresponding to hi-z and low-z TL, respectively, thus creating a step impedance resonance 

condition. Circuit model and input impedance can be evaluated by cascading the ABCD matrices 

of sub-sections according to (C.1), in which ��i� �. i���M��i is complex propagation constant and �.i and 

��i are attenuation and phase constants, respectively (note that �.i is corresponding to radiation and 

can be evaluated per wavelength by a full-wave simulation), l i is length, and Zi is characteristic 

impedance of the slot TL, also Y is the end load admittance. Impedance matrix [Z-matrix in (C.1)] 

for each discontinuity between the slot lines and Y in Figure C.1 can be obtained by numerical 

calibration techniques [9]. 

 (C.1) 

 

C.3 Results and discussion 

Figure C.2 illustrates the surface currents at four frequency points including 20 GHz, 24 GHz, 26 

GHz, and 29 GHz along with corresponding radiation patterns. As demonstrated, the radiative part 

(associated with stronger current distribution) is gradually converged to the center of the slot as 

frequency increases, which indicates a self-scaling current distribution. In addition, the directivity 

of the antenna is fairly stable, and the antenna can radiate at broadside over a wide range of 

frequency. As Figure C.3(a) reveals, the impedance and pattern FBW are around 54% (17-

29.6GHz) and 28% (23-30.6 GHz), respectively (note that we consider ±3 dBi variations for 

calculating the FBW pattern). The real and imaginary parts of input impedance are discussed in 
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Figure C.3(b), emphasizing the MMR nature of the antenna (a combination of four resonance 

frequencies).  

 

 

Figure C.2 Current distribution and radiation patterns at (a) 20GHz; (b) 24GHz; (c) 26GHz; and 
(d) 29GHz showing a self-scalable manner in current distribution and stable broadside radiation 

 

Figure C.3 (a) Realized gain and return loss of the proposed slot antenna; (b) real and imaginary 
parts of the input impedance (CPW TL has been de-embedded) 

C.4 Fabrication and measurement 

The proposed slot antenna was fabricated on both low permittivity (i.e., Rogers RT/duroid 5880) 

and high permittivity (i.e., Rogers RT/duroid 6010.2LM with �Ý�å 
L �s�r�ä7) substrates, as shown in 

Figure C.4. For the development of the antenna on high-�����V�X�E�V�W�U�D�W�H���D�O�O���G�L�P�H�Q�V�L�R�Q�V�����F���I�����)�L�Jure C.1) 

have been scaled according to the ratio of relative permittivity of substrates.   
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Figure C.4 Fabricated slot antenna on both low permittivity and high permittivity substrates 

Simulated and measured reflection coefficients along with simulated front and back radiations are 

shown in Figure C.5. It is important to note that all dimensions in high-�� materials were selected 

while taking our PCB fabrication constraints into account. Thus, compared to the low-�����V�X�E�V�W�U�D�W�H����

some frequency shifts can be observed in the reflection coefficient curve of the high-�����D�Q�W�H�Q�Q�D�� 

 

Figure C.5 Simulated and measured reflection coefficients and simulated broadside and backside 
radiations on both (a) high-�������5�R�J�H�U�V���������������D�Q�G�����E�����O�R�Z-�������5�R�J�H�U�V���������������V�X�E�V�W�U�D�W�H�V�� 

As shown in Figure C.5(a), the measured reflection coefficient has some frequency drifts as 

compared to the simulated one with �Ý�å 
L �s�r�ä7.  However, this frequency drift has been justified 

by considering �Ý�å 
L �s�u in the simulation. While the measured reflection coefficients of the antenna 

on the low-�� substrate agree well with the simulation result with �Ý�å 
L �t�ä�t�ä   Because of EM field 

confinement inside the substrate and the high excitation and diffraction of surface waves from the 

truncated edges of the substrate in the high-�� substrate, the front-to-back radiation ratio in the 

antenna is smaller than that in the low-�� substrate. Normalized radiation patterns of the antennas 

are illustrated in Figures C.6 and C.7 
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 Figure C.6 H-plane radiation patterns of the antenna on high-�� substrate in (a) 32 GHz, (b) 34 
GHz and (c) 36 GHz 

 

Figure C.7 H-plane radiation patterns of the antenna on low-�� substrate in (a) 26 GHz, (b) 28 
GHz and (c) 30 GHz 

C.4.1 Discussion 

Some inconsistencies between the simulated and measured radiation patterns (particularly in the 

high-�� antenna) are evidently observed, which are elaborated as follows. In our measurement, some 

unbalances are introduced between potentials of ground planes in the ungrounded CPW TL as a 

result, parasitic coupled (odd) slotline modes would be excited in the CPW TL. These modes 

propagate with different velocities from the dominant even CPW mode and cause some radiations 

to free space. The cut-off frequencies of these modes are highly dependent on the antenna structure 

and substrates characteristics resulting in different effects on the radiation patterns of the antennas. 

Parasitic radiations of the higher-order modes in CPW TL and the discontinuity between the CPW 

TL and slot highly disturb the radiations of the antenna, particularly off the broadside. It is worth 

noting that the same potentials are considered in the ground planes in the computer simulation, 

enough that higher-order modes are eliminated. One solution to address this issue is to use air 
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bridges along the CPW TL (with a quarter-wavelength apart) as well as in the T-junction of CPW 

TL and slot. These air bridges suppress the parasitic coupled slotline modes by force-equating the 

potentials of the two ground planes. The realization of these air bridges requires a more 

sophisticated and accurate fabrication process.    
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